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Because interest in operational amplifiers is
becoming so widespread today, and because
this is the first complete book on the subject
(except for the promotional handbooks of
manufacturers), it will appeal to the widest possible
audience in and out of the design field. Although
written primarily for the design engineer who uses
operational amplifiers, it will also serve many
varied readers throughout all areas of electronics,

from project engineers to men involved in process,

medical, and aerospace instrumentation to linear
integrated circuit designers as well as the
academic community.

First of all, it offers the reader a sure and ready
ability to evaluate, measure, and use operational
amplifiers. More, it provides a large number of
circuit applications to broaden the reader’s area
of competence.

A perfect on-the-job tool, it provides the basic
designs and design theory for basic DC amplifier
stages and operational amplifier circuits, thus
saving engineering time and improving engineer
effectiveness. Conceived as an essentially
practical work, it gives information that can be
directly applied to instrumentation design.

(continued on back flap)

(continued from front flap)

Operational amplifiers are without question the
most widely used linear circuit components —
approximately 20 million were sold in 1970—and
until now, no comprehensive book on the subject
has existed. Covering basic theory, test methods,
amplifier design techniques and applications, the
volume is divided into two parts:

L !

Part 1 offers the reader insight into the circuit
design techniques used inside the operational
amplifier and now used generally in linear
stage design, intermediate-stage design, output-
stage design, noise, dc stability, frequency
compensation, chopper stabilization, varactor
diode bridge amplifiers, and many more.

Part 2 is an extensive discussion of applications
such as linear and nonlinear circuits, multiplier/
dividers, A/D conversion techniques, active filters,
signal generation, modulation, and demodulation.
Not simply a circuit collection, it explains the
principles of operation of the circuits and provides
an analysis of error factors.

In addition, various appendixes provide all basic
theory plus definitions of terms and test methods
needed by the novice and invaluable to the expert.
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PREFACE

The operational amplifier has become a basic analog building block
common to a multitude of electronic functions performed in instrumenta-
tion, computation, and control. From the availability of these economi-
cal and versatile amplifiers has come a transition in the development
of such electronics which has made the operational amplifier a basic
component. As is generally the case, however, this rapidly growing
new area of electronics has not been accompanied by thorough treatment
of the associated technology. Beginning with the Handbook of Opera-
tional Amplifier Applications published by Burr-Brown in 1964, several
segments of the operational amplifier technology have been given abbre-
viated coverage. Within this book, a complete treatment of the design
and application as well as the theory and testing, of operational ampli-
fiers has been developed by the staff of Burr-Brown. From this treat-
ment results a practical engineering reference related both to accepted
electronics theory and actual electronics practice. It is hoped that
this reference will aid the development of the operational amplifier tech-
nology by making available much previously unpublished information.

Due to the influence of integrated circuits, operational amplifier

xiiil



xiv PREFACE

design and application techniques are becoming essential tools of the
linear circuit designer. The integrated circuit designer will find the
differential and direct-coupled stages treated in Part 1 to be fundamental
building blocks. Similarly, the instrumentation designer will find the
application techniques of Part 2 to be the basis of future designs.

To treat the various major aspects of operational amplifier technology,
the material of this book is presented in two principal parts and two
appendixes. Part 1 considers the design of operational amplifiers to
provide insight into the factors which determine amplifier performance
characteristics and to outline the techniques available for their control.
Part 2 presents an extensive selection of practical operational amplifier
applications with sufficient descriptions of operation to permit design
adaptation from the specific circuits described. In Appendix A the
basic theory of operational amplifiers is reviewed to provide an accom-
panying reference. Following, in Appendix B, concise definitions of the
performance parameters used to characterize operational amplifiers are
given, and associated test circuits are presented and described. For
those acquainted with operational amplifiers, a study of Parts 1 and 2
using the Appendixes as references should familiarize the reader with
the” material covered. Those desiring to acquire a .more thorough
understanding of the subject would benefit from a prior study of the
Appendixes. Following this familiarization, the book should serve its
most valuable function as a reference to engineers on the nature of
operational amplifiers and the array of electronic functions which they
can perform.

Part 1 develops the elements of operational amplifier design from the
characteristics of bipolar transistors and FETs to the characteristics
of individual stages and then to the complete multistage operational
amplifier. In Chapter 1 the signal characteristics of differential stages
are resolved in terms of commonly available semiconductor device
parameters. By relating the differential stage to the familiar common-
emitter and common-source transistors, the analysis and understanding
of differential stages is greatly simplified. Then, in Chapter 2, the
DC errors and noise of differential stages are analyzed to define their
respective sources. From these results the techniques of compensating
input offset voltage drift are summarized in readily applied equations
and graphs. Next a survey of practical input, intermediate, and output
stages of operational amplifiers is made in Chapter 3 including descrip-
tions of individual stage characteristics. Upon combining these various
stages to form a complete amplifier, the overall operating characteristics
are found from the interaction of individual stages as described in
Chapter 4. The interaction of the signal and error parameters of
various stages are discussed there including a simple technique of pre-
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dicting the frequency response of cascaded stages. From the high gain
of the cascaded stages the resulting operational amplifier provides control
of electronic functions through negative feedback, and the amplifier
response characteristics determined by this feedback are covered in
Chapter 5. Feedback stability as provided by phase compensation is
related to steady-state and transient amplifier response characteristics
including a straightforward approach for predicting peaking.

Throughout the applications section of the book (Part 2), an attempt
has been made to show the basic principles of operation so that the
reader will be able to extend the results and modify the circuitry to
meet his own particular needs. Chapter 6 represents the most com-
mon linear circuit applications including the various types of feedback
amplifiers. Also discussed here are integrators, regulators, and reference
circuits. Chapter 7 is devoted to nonlinear functions realized with
operational amplifier circuitry. Included are limiters, function genera-
tors, log amplifiers, and a collection of analog multiplier techniques.
Chapter 8 is a rather unique treatment of the realities and practicalities
of active filter design through the use of operational amplifiers. Chapter
9 is a survey of the various switching and sampling circuits which use
operational amplifiers. Included are multiplexers, A/D and D/A con-
verters, sample-hold circuits and various types of peak detectors and
comparators. An extensive collection of signal generators—sine wave,
triangle wave, square wave, sawtooth, etc.—is discussed in Chapter 10.
And, finally, Chapter 11 illustrates the use of operational amplifiers in
circuits which perform modulation and demodulation.

The writers are grateful to H. Koerner, Dr. L. P. Huelsman, and
D. R. McGraw for their assistance in maintaining consistency and
accuracy in the manuseript. We also wish to thank Carole Williams,
Joan Burgess, and Maryon Hartman for their exceptional accuracy
in typing, and the Burr-Brown Graphics section for the preparation
of highly detailed artwork.

Special thanks are due to Tom Fern for his support of the project and
to Thomas R. Brown, Jr. for providing a conducive environment.

Jerald G. Graeme
Gene E. Tobey






HISTORICAL NOTE

The term ‘‘operational amplifier’” was apparently coined by John R.
Ragazzini, and colleagues, in a paper! published by the IRE in May of
1947. The paper described the basic properties of such amplifiers
when used with linear and nonlinear feedback and was based on work
performed in 1943 and 1944 for the National Defense Research Council.
This, and most other early work with operational amplifiers, concen-
trated heavily on their use in analog simulations and in the solution
of integro-differential equations. Credit for much of the initial develop-
ment of the operational concept must go to George A. Philbrick who
worked as a technical aide on the NDRC work described above, and
who later was instrumental in the development of the first commercial
“plug-in”’ operational amplifiers—using vacuum tubes.

It was not, however, until the introduction of modular solid-state
operational amplifiers in 1962, by Burr-Brown Research Corporation
and G. A. Philbrick Researches, Inc., that the full value of the concept
began to be apparent. Since that time the operational amplifier, in
modular and integrated circuit form has, to an ever-increasing degree,
dominated the design of nondigital systems. Although predicting future
developments is always risky, it seems safe to say that the operational
amplifier will continue to be an extremely important tool in system
and circuit design during the remainder of this decade.

1J. R. Ragazzini, R. H. Randall, and F. A. Russell, Analysis of Problems in
Dynamics by Electronic Circuits, Proc. IRE, May, 1947.
xvii
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1

DIFFERENTIAL AMPLIFIER
STAGE SIGNAL
CHARACTERISTICS

A differential amplifier stage as represented in Fig. 1.1 provides high
voltage gain to differential signals applied between its inputs while
responding with much lower gain to voltages common to the two inputs.
As a result, the desired differential signals are amplified with little effect
from extraneous common-mode signals. Such extraneous signals fre-
quently result from signal current flow in long lines or from noise pickup,
but they are essentially rejected by a differential stage, as will be described.
The differential stage also provides isolation of input and output quiescent
voltage levels by means of its common-mode signal characteristics.
Because of its low common-mode gain, the stage has only small varia-
tions in the quiescent or average level of the two output signals for
large variations of this type at the inputs.

Developed in this chapter are the signal characteristics of bipolar
transistor and field-effect transistor (FET) differential stages. The
differential gains, the common-mode gains, and the associated frequency
responses of these stages are derived in a simplified manner by drawing
on the similarity of the stages to common-emitter and common-source
amplifiers. Then differential circuit unbalances giving rise to common-

3



3 DESIGN

Fig. 1.1 Basic bipolar transis-
tor differential stage.

mode signal sensitivity are analyzed, providing a common-mode rejec-
tion figure of merit. These and other considerations involved in the
design of a differential amplifier stage are outlined and related to the
corresponding detailed analyses in this and other chapters. Con-
cluding the chapter is a description of several differential-stage designs
which improve specific characteristics.

1.1 Low-frequency Differential
Signal Characteristics

Since the differential stage is composed of two common-emitter amplifiers,
Q: and Q. in Fig. 1.1, the well-known common-emitter analysis can be
applied by considering the manner in which the signal is amplified.
Differential signal E;q is impressed upon the source resistances, emitter-
base junctions, and emitter resistors of the two transistors. For matched
resistances and transistors under small signals, one-half of E;q will drop
on each side of the stage as indicated. Effects of mismatched com-
ponents are considered in Sec. 1.4. Equal division of the differential
input signal produces equal and opposite current changes in the two
transistor emitters, resulting in no change in the total stage current
supplied by common-mode biasing resistor Rou. Associated collector
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signal currents produce equal and opposite output signal voltages,
Eo1 and E,,, to produce the differential output signal Eoq.

Since the current in Rewm is not affected by differential signals, Rewu
may be omitted for differential analysis, leaving the simplified common-
emitter circuit of Fig. 1.2a. One-half of the input signal is applied to
each common-emitter transistor input circuit, giving

Eia —Eiq

A_
2 1 2

AZ = Eol - Eo2 = Eod

where A; and A, are the voltage gains of transistors Q; and Q. as com-
mon-emitter amplifiers.
For a balanced circuit, A; = A,, and the differential gain becomes

Eod
Eiq

The amplification of a differential signal is, then, equal to the gain of one
side of the differential circuit. Application of the signal to a common-
emitter amplifier identical to one side of the differential circuit will
result in a gain equal to that of the stage. As a result, differential
gain is found by using common-emitter analysis! applied to the equivalent
circuit of Fig. 1.2b.

The transistor model of Fig. 1.3 includes the primary characteristics
important for low-frequency common-emitter amplifiers. Base resis-
tance ry is not considered in this model as it is too small to influence

A=A1=

R € _éa
e

(a) (b)

.

Fig. 1.2 (a) Balanced differential mode signal circuit and
(b) equivalent single transistor circuit.
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re (1-a)

sl200 Fig. 1.3 Bipolar transistor
T model.

rel-a)E1MQ at 1 =30 A

1100kQ atig=tm A

- 25mV °
fe*q T at 25°C

x
p

significantly the common-emitter characteristics to be described. To
indicate common small-signal transistor characteristics, typical values
are defined in the diagram, using the symbol I. Resistance of the
reverse-biased collector-base junction results in the r.(1 — ) resistance
which conduets feedback current from collector to emitter and which
loads the output current generator. Application of this model to the
equivalent common-emitter circuit results in the gain analysis model
of Fig. 1.4 for R. < r.(1 — @). From the currents identified, the low-
frequency differential voltage gain of a differential stage is

N —aRer,
Ao - Re(RC + rc) + RG[RC + rc(l - c‘)] (1—1)

where
Re = RE + Te Re < rc(l - a)

Generally the collector resistor is much less than r.(1 — «), and the
gain expression simplifies to

—Rc

Ap = —
° " R.+ Re/B

Z 10 to 100 (1-2)

where (1 — @) =1/8. While r.(1 — a) drops from its megohm level
at collector currents higher than 30 uA, the collector resistor also must
decrease to maintain a bias voltage drop within the limit placed by the
power supply level. As a result, the approximate gain expression is
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accurate in most cases. Gain will be less than predicted by the simplified
expression where the approximation becomes less precise.

By the same comparison with a common-emitter transistor, differential
input and output resistances of the differential stage may be found.
Note that the series-connected transistors of the stage yield a differential
input resistance which is twice that of the common-emitter amplifier
represented by one side of the stage, as in Fig. 1.4. From the common-
emitter input resistance of this circuit, differential input resistance is

- Rotre a2t i
R: = 26R. BRo + 1. for (1 — a) = 5 (1-3)
Ri = 28R, for Re K ro(l — a) = % (1-4)

When the collector resistor approaches r.(1 — «), input resistance falls,
demonstrating the feedback effect of the reverse collector resistance r..
Two output resistances of interest with a differential stage are that
presented to the collector resistors and the resulting resistance appearing
at the output terminals. The ability of the stage to drive currents into
the collector resistors is indicated by the high resistance presented by
the transistor outputs. Output resistances of the two transistors
appear in series between the output terminals, resulting again in a
resistance which is twice that of the common-emitter case represented
in Fig. 1.5. Doubling the output resistance found for the circuit shown

Blb RC
E. Re+r (1-a)
id Blbrc(1—a)

Rc+rc(1—u)

m

R od R

Re=Retre

Fig. 1.4 Gain analysis circuit.
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Fig. 15 Common-emitter output resistance analysis
circuit.

gives the differential output resistance presented to the collector resistors.

R/ =9 ReRG + Rerc + RGrc(l - Ol)
o Re + RG
Re + RG/:B
o = 2r, ————— o 1-5
Ry r R, + Rq for Re¢ K1 (1-5)

The ability of the stage to develop a voltage across a load is described by
the net output resistance at the output terminals. This resistance is the
parallel combination of the two collector resistors and the resistance of
Eq. (1-5).
2rcRC(Re + RG//S)
Ro = for Re < 1, 1-6)
® " r(Re + Re/B) + RaRo (
Ro

2R¢  if Re K 1.(1 — @) -7

By drawing a similar parallel between a junction-FET (JFET) differ-
ential stage and a common-source FET, characteristics of this stage are
obtained. Defined in Fig. 1.6 are the stage and its differential gain
equivalent common-source circuit. For analysis, the JFET dc model? of
Fig. 1.7a is applied to the preceding gain equivalent circuit. The com-
plete circuit model is analyzed in Fig. 1.7b, resulting in the currents
indicated. Differential voltage gain of the FET stage is then

A = Eoa _ g:Rplas . 1
° " Bu Ro + r4s 1+ Re¢ 4+ Rs n Resras
rgs Bee Tgs + RD

(1-8)

Being the resistance of a reverse-biased junction, rg, is far greater than
typical driving or signal source resistance, and the drain resistor is often
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less than 300 k@ level of rq4s, resulting in

. giRp
1+ giRs

As before, differential input and output resistances seen in series across

the two FETs are twice those found for a common-source FET. Input
resistance can be written from the currents recorded in Fig. 1.7b.

Ao = for rys > R + Rs rqs > Rp (1-9)

Rsras
Rr = 2r, {1 y R 1-10
I I'e ( + g - RD) + Rs ( )
Ry = 2I‘g5(1 + gsts) for 1y > Rs ras > Rp (1-1 1)
R: £ 101 Q

The determination of the output resistance presented to the drain resistors
follows from the currents defined in Fig. 1.8 for the conditions shown.
rgs(l + gfsrds) + RG
rgs + RG + RS
Ro = 2rg(1 + guRs)  forrg > Re + Rs  res > Re  (1-13)

v, O
Ros Roz

R} = 2rgs + 2Rs (1-12)

(a)

Fig.1.6 (a) Basic FET differential stage; (b) single FET differential equivalent
circuit.



10 _ DESIGN

D GT+_ oD

G VQS %rgs (') gfsvgs rds

S SO- O
T,oM T I
Tos” 107°Q, 944 = 10007, fgs = 300kQ

(a)

PR
ds™ "o

(b)

Fig. 1.7 (a) Junction-FET dc model; (b) circuit model of gain equiva-
lent circuit.

v, Re
- %@ _> R
s ‘95

Fig. 1.8 Common-source output resistance analysis.
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Comparing the approximate output resistance expression with the gain
relationship of Eq. (1-9) reveals that addition of a source resistor increases
output impedance by the same factor by which it reduces gain. Com-
bining the resistance appearing at the FET outputs with the drain
resistors gives the net resistance between the output terminals:

Ro = 21‘ds(1 -+ gsts)“2RD (1-14)
Ro = 2Rp if ras > Rop (1-15)

1.2 High-frequency Differential
Signal Characteristics

Frequency response of a differential stage is conveniently analyzed by
reflecting collector-base capacitance C. or gate-drain capacitance Cgq to
the input as Miller-effect equivalent capacitance. For high-gain differ-
ential amplifiers, the Miller effect creates the dominant input capacitance,
and the emitter-base capacitance Cg, or gate-source capacitance C,s will be
negligible. The frequency of the stage pole may then be found by con-
sidering the shunting effect of the Miller capacitance on the signal source
resistance and the equivalent input resistance. When the signal source
resistance is small, this shunting effect is less significant, and the effect of
collector-base or gate-drain capacitance on the load resistor must be con-
sidered. To include shunting effects on the collector load resistor with
Miller-effect representation, the hybrid-pi model of a common-emitter
transistor may be used to develop an equivalent circuit which includes
both effects.

From the hybrid-pi model of Fig. 1.9a a unilateral two-port model of a
differential stage can be defined to simplify analysis of high-frequency
differential-stage characteristics. Feedback and output shunting effects
of r, were included in the input resistance and the output resistance found
in the preceding section. For a single common-emitter transistor the
resistances are one-half those defined for a differential stage by Eqs. (1-3)
and (1-5). Replacing r. with these equivalent resistances and neglecting
Co, provides the common-emitter transistor model of Fig. 1.9b. Again,
the small ry is neglected and « is assumed near unity. To complete the
transformation, the feedback and shunting effects of C. will be represented
by shunt capacitors across the input and output as shown in Fig. 1.9c.
Capacitors C; and C, will have the same effects as C, if the currents drawn

are the same.
I = jwCo(Bf — E,) = joCiE! = —jwC,E,

E,
Cl = (1 - E) Co

r
C, = (1 — g—’) C, = C, for high gain
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N I Ry
m
o
WA
B
(2]

aEi/ g
Re

Re= RE+re

(c)

Fig.1.9 (a) Hybrid-pi model of a bipolar transistor. (b) Common-emitter amplifier
and simplified hybrid-pi representation. (c) Miller-effect equivalent circuit.

When C, is known, C; is resolved from the diagram as

Z,
C, = (1 + E) C.

where

Ro

Zo= o - R
2 + joRoCe. Ro = Ro[|2Re

To confirm the accuracy of neglecting Ce,, its contribution to input
capacitance can be compared with that of the above Miller-effect capac-
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itance C;. The effect of the emitter-base capacitance may be compared
by considering its relationship to the transistor gain bandwidth product?
W

Ceb= L _Cc

wile

For a typical silicon small-signal transistor at a collector current of 50 uA,
f; is greater than 50 MHz, resulting in

Ceb S 3 pF =~ Cc
Considering the effect of this capacitor on input capacitance,

. Ie Z.
Cr = ReCeb+(1 +Re>Cc

For high stage gain, Ce, will be negligible in comparison with Miller-effect
input capacitance.

To apply the above results to a differential stage, the stage may again
be considered as two series-connected common-emitter transistors as
shown in Fig. 1.2a. Differential input capacitance is the series combina-
tion of the input capacitances of the two common-emitter amplifiers.

. Zo\ Ce R
G = (1 + Re) s =3 + joRoCe (1-16)

A typical differential stage with a gain of 30 will have a low-frequency
differential input capacitance of around 50 pF. However, this input
capacitance is not a constant but decreases with increasing frequency as
the stage gain falls.

. Ro/Re \ Ce
Cr = (1 t3 + ijoCc> 2

Operational amplifier input capacitance is significantly affected in this
manner as the high-gain input stage generally has heavy capacitive load-
ing produced by phase compensation between the stage outputs. Con-
sidering the loading on an input stage as Ci, the pole frequency of the
input capacitance is reduced by the load as described in

Ro/Re Ce
3 ¥ jaRo(Co + Cu/2)) 2

“*O+
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'Combining the input capacitance and input resistance expressions and
neglecting the first term above, the differential input impedance will be

i Ri . ( 2 + joRoC, )
T 14 jeRiCr T \2 + juRoC.Ri/2R.

if Ri/2R. > 1, as is true for R¢ < r..

Capacitance loading typically increases high-frequency input imped-
ance since the Miller capacitance is decreased. Reduced Miller capaci-
tance lowers the frequency of the input impedance zero without an
accompanying decrease in pole frequency. Addition of Cy changes
input impedance to

(1-17)

Zy

Z/ - R 2 + ijO(Cc + CL)
! T2 + joRoC.R1/2R.

As a result, differential input capacitance is usually only 10 pF at the
frequency for which the input resistance is shunted 50 percent and input
impedance is halved. With this frequency dependence, the significance
of the input capacitance under operating conditions should be evaluated.
A 50-pF differential input capacitance at 10 Hz is a negligible shunt to
input impedance. Rather, the more meaningful input capacitance for
consideration is that at a frequency for which input impedance is sig-
nificantly lowered.

Combination of the Miller-effect equivalent circuits of the two com-
mon-emitter transistors provides the differential signal model of the
stage in Fig. 1.10 for 3>> 1. Input and output resistances shown are as
described in Sec. 1.1, and the total source and load resistances are the

2R

/

/ 1z E. —
Eidg) i ER’ /\\Z_RCech Eé-e %Rg -~

/1
r\>|£j

Eog éch

( Re+r, ) i, (RE-J-RG/B)
e c

R .+ o R +R
Bcrc e G

[

/
Z:—>— R =R ||I2R_,R =R_+r
4 2+i“'R0Cc o o” 4 e E e

Fig. 1.10 Differential signal model of a bipolar transistor differential stage.
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sum of those of the common-emitter transistors. Differential signal
frequency response may be described by solving for the gain of this
model. In the typical case Rc < 1.(1 — «), and the model simplifies
with Ry = 28R. and Ro = 2R¢. For high-gain stages the dominant
portion of Cy shown is the second term, resulting in an output of

—RcE!

B = =—————<
d Re(l -+ ]O)RCCc)
where
EidZI
E{ = ——
' Zi+ 2Rg

Then the differential gain is
B . —Ro 1
Eu Re .

a R +RG/ﬁl+JchCc(

Alie) = R R

Re + RG/B
for Re < r.(1 — ) A - = % Z.> R. (1-18)

Note the heavy dependence upon source impedance of both the de gain

—Re
Ap=— 9
® " R.+ Re/B

and of the pole frequency
f B 1— Re + RG/B
p

~ 27RoC. R. + Rg

Increasing the source resistance decreases the gain and bandwidth,
forcing the frequency response curve toward the origin, as illustrated in
Fig. 1.11 for the two cases of negligible and predominant Rg.

By relating C, to commonly measured transistor capacitance the
response pole frequency of a differential stage can be predicted. Col-
~ lector-base capacitance is generally measured as Co, which is the com-
mon-base output capacitance. Comparison of the operating collector-
base bias voltage Vop with the C,, test voltage Vop defines C, in terms
of Cop. In common planar-diffused transistors, junction capacitance is
inversely proportional to the cube root of the junction voltage, and

3
VC BT
VCB

(1-19)

Cc = Cob + Cp

where
Cp, £ package capacitance
C, £ 0.5 pF

In the case of a phase-compensated differential stage, it is advantageous
to reflect capacitance effects to the stage output for response considera-
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BR¢
20 log R

G
R
20 log R—C

e
4A(dB)

INCREASING Rg

R; NEGLIGIBLE

Rs

PREDOMINANT

Fig. 1.11 Differential-stage

Bode plot showing the effect
of source resistance on response.

o f
(2"31Rccc> /<;" RIc Ce )

tion, rather than to use the previous input capacitance representation.
In this way the frequency-determining elements of the stage may be
combined directly with the phase compensation elements typically con-
nected to the stage outputs and also with the loading impedance of any
following stage. Once again the common-emitter amplifier analysis
may be applied. The differential output impedance of the stage is
that of two common-emitter amplifiers connected in series as in Fig.
1.2a. If the transistor collector capacitance C, is considered to be
the major frequency limitation, as before, the transistor output char-
acteristics are modified by the shunting of r, by C.. Output impedance
presented to the collector resistors follows from the output resistance of
Eq. (1-5) by replacing r. with the impedance of r, and C, in parallel.

r . Re + RG/B
RO B 21'0 Re + RG
’ 2rc Re + RG/B

Z - 1-20
°© 14 jwrCe Re+ Ra (-20)
Since output impedance is formed by the output resistance in parallel
with the output capacitance,
7 = _R_;)___
® " 14 joRoCo
Combining the last three expressions, the equivalent output capacitance
of a differential stage is
Cz) — _gc. Re + RG (1_21)
2 R. + Ra/B
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The resulting ac equivalent circuit of the differential stage is shown in
Fig. 1.12.

The above expressions for output resistance, output capacitance, and
the response pole frequency demonstrate the reverse transfer effects of
the bipolar transistor stage by their high dependence upon the driving
source impedance. As a result of these reverse transfer characteristics,
cascading one bipolar differential stage with another changes the responses
of both stages. Note that as the source impedance approaches zero
the output resistance increases and simultaneously the output capaci-
tance decreases, causing the pole frequency to increase.

Ry = 2r, £ 100 MQ @ Ic = 30 uA
Ce

Ch=—=—2X15pF
°T °P if Re < BR.
f, = !
2rRcCe

As the source impedance becomes large, the stage output imped-
ance drops and the increasing equivalent output capacitance reduces
bandwidth.

, or,
R, = 2r(l — a) = ; TIM2@Io = 30 kA
, . C. . BC. ., .
Co=sqow = 5 = 150pF if Re > BR.
— 1
£ = 1 a

27RoC.  27RoC.B

Comparison of the above two cases indicates that a source resistance
which is large compared with the emitter resistance reduces output
resistance, increases output capacitance, and decreases bandwidth by a
factor approximately equal to the beta of the transistors.

Eid %R/ _‘
9 —
2(R, +R/B) °

_C/' Cc( RetRs \ Eod ZRC
~C = =(—%&_ 6
° 2 \R 4R B

Fig. 1.12 Differential signal equivalent output circuit of a bipolar
transistor differential stage.
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For an FET differential stage, differential ac signal behavior is deter-
mined by a similar analysis. The capacitances of an FET are indicated
in the device model of Fig. 1.13a. Common small-sighal FETs have a
gate-drain capacitance Cgyq of 3 pF and a 6-pF gate-source capacitance
Cgs. Once again, the Miller multiplication of the reverse transfer capac-
itance creates the dominant input capacitance effect and the gate-source
capacitance is negligible. By connecting the FET as a common-source
amplifier, the input and output resistances are increased by the source
resistance, as developed in Sec. 1.1. From that analysis, the resistances
are one-half that resulting with a differential stage, as indicated in Fig.
1.13b. Since this equivalent circuit is of the same form as that of the

gd
| (
| ¢ O D
:: Cgs gfs Vgs % Tds
(a) 0
C
gd
NG | (
I\

H—gstS

(b)

- E: <
E; Qb Ei/ %RI —~Cy Cp C‘) 9t & éR/ Eo %R
—_ 0 1+g R ) D
l 2 fs''s
(c)

Fig. 1.13 (a) Junction-FET pi model. (b) Common-source representation. (c)
Miller-effect equivalent circuit of (b).
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bipolar transistor in Fig. 1.9b, the reverse transfer capacitance may be
replaced by similar input and output capacitances C; and C, in Fig. 1.13c.

. gstd )
Co=(1+ -85 ),
! ( ty + guRs) ™

Cy = Cpa for high gain

Differential input capacitance of the FET differential stage equals the
series combination of those of the two common-source FETSs forming the

circuit.
gfszd ng
= (14 =200 )=
Cr ( + 1+ gsts) 2
where
Ro
gy = ——F— 1-22
d 2 + ]wRngd ( )

Being comparable in magnitude to bipolar stage input capacitance, the
input capacitance of the FET stage presents a low-frequency shunt to its
high input resistance. The resulting input impedance is

Ri

Iy = ———
ST + jwR1Cr

and, neglecting the first term of Cy,

2 4 jwRoCqa

Zy = R :
! ! 2+ le‘gsgstngd

for gelys > 1 (1-23)

As a result of Miller-effect input capacitance, the high input resistance of
the FET differential stage does not provide as dramatic an improvement
in impedance isolation for ac signals. Cascode biasing of the FETs, how-
ever, helps to extend the frequency range for high impedance isolation, as
will be discussed in Sec. 1.5.

Combining the input resistance and de gain results of the previous
section with equivalent capacitors derived as in the bipolar transistor
case, a differential signal model for the FET stage is shown in Fig. 1.14.
For almost all practical levels of signal source resistance, the input resis-
tance presents only a very small shunt and can be neglected. Using this
model, with the first term of C; omitted for the high-gain case, the differ-
ential response of an FET stage is

—gRo 1
1 4+ g&Rs 2 + joRoCpal(1 + g1sRe)/(1 + giRs)]
for Ri > Re  Za>Rs (1-24)

A(jw) =
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Tt

/ c i — 5% /
. 6 — R E 2R
) Ei %RI 149, RS 2 3 o Fod % 0

9 24 ) Cqa

R|=2rgs<+gsts>,C|=<1+,|—+gsts >

2= "0 plip (14e, R R =R ||2R
a'2+ijocgd' 0 “Tas | ' T94s s ) Mo olleTp

Fig. 1.14 Differential signal model of an FET differential stage.

Although the de¢ gain of this equation is independent of signal source
resistance Rg, reverse transfer capacitance again makes the pole frequency
highly sensitive to this driving resistance. From the above response
expression the pole frequency is

_ 1 1 4 g Rs
WRngd 1+ g.Re

(1-25)

To relate the FET differential-stage response to FET characteristics nor-
mally measured, C,q can be defined in terms of C,,. The latter capac-
itance is measured as the reverse transfer capacitance from drain to gate
with the source shorted to the gate. Again the gate-drain capacitance
will be inversely proportional to the cube root of the reverse junction
voltage as described for the bipolar transistor case. Then Cgq will be
related to C,s by the cube root of the ratio of Vgp to the Cy test voltage
Vepr.

3 \’_‘
ng = Crss VGDT + Cp
GD

where

ckage capacitance

» & pa
o < 0.5 pF

An equivalent circuit of the stage output is similarly useful in resolving
the effects of phase compensation networks on the FET stage. By con-
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sidering the pole frequency above, an equivalent output capacitance
providing the same response in conjunction with a load Ro is

- 1 + gisRo Cea (1-26)
14 giRs 2

Representing the FET-stage differential response behavior, Fig. 1.15 is

the resulting equivalent output circuit.

In this and the preceding section low-frequency and high-frequency
differential signal characteristics have been defined and modeled. Com-
mon-mode characteristics of a differential stage are similarly treated in
the following section.

1.3 Common-mode Behavior of a
Differential Stage

As analyzed in the preceding sections, the desired output from a differ-
ential stage is that produced by a differential signal applied between the
stage inputs. However, the common-mode voltage present at both
inputs also creates an output voltage. At the output both a common-
mode and a differential-mode error voltage result, as will be discussed in
this and the following section. The relative importance of these two
output error signals depends upon whether a differential or a single-ended
output is taken from the stage. With a perfectly balanced stage, the
common-mode input voltage will result in only a common-mode output
voltage. For an analysis of common-mode signal effects in the balanced
case, consider the circuit of Fig. 1.16 in which the inputs have a common
connection and the outputs have a common connection. With no differ-
ential input or output voltages, this circuit represents a balanced differ-
ential stage under common-mode signals. Simplifying the circuit results
in the single common-emitter amplifier having two parallel transistors as
shown. From this representation differential-stage common-mode

+
g, E. —_—— ng 1.‘-‘:”stG
fs ~id ) R/ T~ 0- ‘_2 _——“—1+ R 2R
1Tg;, Rg 91s7s 1 E 0

Fig. 1.15 Differential signal equivalent output circuit of an FET dif-
ferential stage.
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Fig. 1.16 Balanced differential-stage common-mode equiva-
lent circuits.

characteristics can be found by using the common-emitter relationships
employed in Sec. 1.1.

To provide a stable common-mode current bias to the stage, the biasing
resistor Roy is made large to keep current changes from input voltages
small. In general, Roum is far greater than Ry or r.. Dominating the
resistance of the input circuit, Rcu absorbs essentially all the common-
mode input signal unless a very large signal source resistance is involved.
Common-mode input resistance provided by a large Rcy is much greater
than the differential input resistance developed by R.. From the
common-emitter expression, common-mode input resistance is

Riem = BRou for Re < ro(1 — a) (1-27)

r. :
I + 2ﬁR'CM
Common-mode input resistance will then be between SRcy and r./2,
which can reach the 100-MQ level.

It is this very high common-mode input resistance which makes the
noninverting configuration desirable for impedance isolation with bipolar
transistor operational amplifiers. Output resistance is also improved
by the large Rcm and, for the common-mode case, is the parallel com-
bination of the output resistances of the two common-emitter transistors.
Resistance presented to the collector resistors is

R s
Rou for — « Reu K fe (1-28)

Room = To op o + Re 28 2
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Combining this resistance with the collector resistors, the output resis-
tance presented to any load on the stage is found to be

_Rl_C RCMrc
2 Reure + RcRe/2

Roem = for Re <1, (1-29)

Except in the case of exceptionally large collector or source resistances,
the output resistance is, as might be anticipated,

2 o
Rows = 2% for Ro « 2ouTe (1-30)
2 Ra

Because of the large common-mode biasing resistor Rcwm, relatively
small changes in the stage currents result from common-mode input
signals. These changes produce correspondingly small signal voltages
on the collector resistors, and the amplification of a common-mode
signal is far less than that provided for differential signals which are
impressed upon R.. Common-emitter analysis applied to the circuit
of Fig. 1.16, neglecting R. in comparison with Rcu, results in a common-
mode gain expression of

—Rc(are — 2Rom)

2Rou(Re + ro) + Relre(l1 — @) 4+ Re + 2Ren]
for Rom > Re  (1-31)

AOcm =

For typical resistance levels the common-mode gain is approximated by

AOcm = _:E_'C for EC:

2Rcum 28

The frequency dependence of the common-mode gain follows from the
common-emitter representation of the reaction of input impedance with
source impedance, along with a feedthrough effect of the collector-base
capacitance. Common-mode input capacitance is composed of a
Miller-effect equivalent of the two collector capacitances. Because of
the low gain of the common-mode circuit, the Miller multiplication is
correspondingly small. However, the effect of the emitter-base capaci-
tance C,, is again negligible since it bypasses only r. whereas the Miller
capacitance bypasses the much larger Rey as well.  Since the two transis-
tors of the stage are essentially in parallel, as described above, their
input capacitances add. Paralleling the result of Sec. 1.2, common-
mode input capacitance is

Z,
cm =2(1-—
Cr ( 2RCM)

< Reu <<r—2c Re<Lr(1 —a) (1-32)
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Eicm+< 4 CD R Eocm ic__
2 Eiem Ricm ™ 2

Fig. 1.17 A pi model of the common-mode signal equivalent circuit
for a bipolar transistor differential stage.

where
__ Ro
24 joRoCe
Typically Z, < 2Rcy and
Crem = 2C. X 6 pF (1-33)

The feedback effect of the collector-base capacitance above is small
for the low common-mode gain, but the feedthrough effect from input
to output becomes appreciable, as the output swing is far less than the
input swing. Referring to the common-mode-circuit pi model of Fig.
1.17, an input signal which is large compared with the output signal
will result in a large feedthrough current from input to output through
the capacitance 2C,. This effect is the reverse of the feedback current
which flows in C, when the output signal is much greater than that at
the input. From the Sec. 1.2 derivation of the Miller-effect equivalent
circuit, the current in 2C, will be

I= Z(E:cm - Eocm)jwcc

An equivalent representation of this feedthrough current in the two
parallel collector capacitances will be a current generator 2E{gyjwCe
and a capacitor 2C, across the output. The resulting differential-stage
model for common-mode signals is shown in Fig. 1.18. Common-
mode gain for the typical case is

Awlie) = = — Re 1 + 2jwRenCe
== T T 9Row (1 + joRaCo) (1 + jwRoCo)
for Riem > %9 Re<r.(1 —a) (1-34)

Examination of the above gain expression reveals that common-mode
gain increases with increasing frequency, because of C, feedthrough
until shunting effects become significant, as represented in Fig. 1.19.
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RG/Z

2C 1 . ey
icm [ "¢ CDE/icm<_+2""cc> ,\ZCCE %

R(ZM

N

R, *BR

"c .
CM(?—E-BR—CM> if RC << rc(1'°‘)

Fig. 1.18 Common-mode equivalent circuit for a balanced bipolar transistor dif-
ferential stage.

The complete model for a differential stage is formed by combining the
differential signal and common-mode signal models of Figs. 1.10 and
1.18, respectively. With the two sides of the stage separated, the
complete model is given in Fig. 1.20. For general analysis, the separate
differential and common-mode models are easier to use, but the complete
model represents the interaction of the common-mode signal with the
differential circuit unbalances.

Common-mode behavior of an FET differential stage is represented in
a manner similar to that used with the bipolar stage by considering the
equivalent circuit of Fig. 1.21. The equivalent circuit results from
considering the two common-source FETs of the stage connected in

b A (dB)

SHUNTING
EFFECT

R¢
20 log =
2RCM

FEEDTHROUGH EFFECT

Fig. 1.19 Common-mode gain Bode plot showing the feedthrough and
shunting effects of C..
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OE,,
/ .

icm (2 Rem + l‘"ccz>

R r,

o1 c ) R : (Re1+RG1/B1)

"e1 . .
- : R _:gR. [—-S :
R Res (’m*BiRm)'zc' 1+jwRp Ce 7 lem ARcu <'c+23RCM or o1 ReytRey

Fig. 1.20 Bipolar transistor differential-stage model including differential and
common-mode signal equivalent circuitry.

parallel with a common input and a common output. The common-
source expressions used in the preceding sections apply directly to this
circuit. In this common-mode case, input signals fall primarily upon
the large common-mode biasing resistor Rou, resulting in only small
stage current changes. Input resistance is, then, boosted by the gain
degeneration of Rem, modifying the result of Eq. (1-10) to

Rim = 2 (1 + guRow)  forre»Rox  ra>>Ro (1-39)
In practice, input resistance is limited by de leakages of the FET surface

and the package to around 102 @, and the extreme levels predicted
by the last expression are not achieved. Output resistance for the

Fig. 1.21 Balanced FET-stage
common-mode equivalent cir-
cuit.
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parallel-connected common-mode equivalent is similarly improved by
Rem.  In this case

ROcm = %ﬁ (1 + gstCM) for Tgs > RG + RCM Zislds >1 (1-36)

Since the common-mode signal drops across Rcu, the gain is far less than
that resulting from differential signals impressed upon the gate-source
junctions and the source resistors.

if rgs > Rop res > Rae + Rs + 2Reom
2g¢:Rom > 1 (1-37)

The common-mode frequency response of an FET differential stage
resembles that of the bipolar transistor stage, being primarily limited by
the gate-drain capacitance. With the very low common-mode gain,
Miller multiplication of Cgq is small. However, the entire input voltage
signal appears upon C,q, whereas only that small portion of the signal
appearing from gate to source falls across Cg,. The relative shunting
effects of the two capacitors are apparent from the resulting input
currents.

Il = Eicm ijgd due to ng
Eicm
gstCM
For Cgs ~ Zng, I2 < Il.

Common-mode input capacitance is, therefore, essentially due to Cgq
and, for low common-mode gain, is approximated by the two FET gate-
drain capacitances in parallel.

Crom = 2Cea = 6 pF (1-38)

I,

joCys due to Cg

Note that common-mode input capacitance is much lower than encoun-
tered previously for differential signals. Comparing the two,

4Rg
CIcm = Zd CI

As a result, shunting of the high FET impedance isolation by input
capacitance is greatly reduced when an FET operational amplifier is
operated in the noninverting mode.

The gate-drain capacitance shapes the FET-stage common-mode
frequency response by its input-to-output feedthrough and by its shunting
of signal source and load resistances. As in the bipolar transistor case,
these effects can be represented by a feedthrough output current generator
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]
i A ;—— R
Riem = dD Efom <—RCM +21ucgd> Ro T~  Eoem ?o

2Cgq 9d l

. fgs
Riem® 2 <1+gfs Rcm)

Fig.1.22 Common-mode equivalent circuit for a balanced FET differential stage.

and by shunt capacitors across the input and output circuits. With a
feedthrough signal voltage equal to Eim the current generator will be
2E!,.jwCea. Combining this current, the input capacitance already
discussed, and the load shunting equivalent capacitance with the low-
frequency common-mode characteristics provides the model of Fig. 1.22.
From this model the common-mode response is described by

Ro 1 + 2jwRomCea for Riem > Ra

: - Iem 5

2Row (1 + joReCya) (I + jwRoCea) 2
> R s > Re + Rs + 2Rew 2gssRon > 1 (1-39)

Again the common-mode gain initially increases with increasing frequency
because of feedthrough on the gate-drain capacitance. The resulting

Acm(jw) = -

/

c gfs i +E 7 1
9dt 1+g, R Eicm +1“‘qu|
TW 4
it Rin ~ciy ‘ Roy = Cadt T
\ Rlt:m Eod
/’ :_M —
I E, . .
R, \ ~71~ Cgd2
Ci2
] ]< 4
95 E
C d2 — s i
? g5 R, E'cm 2F"c ]ngdz
951 a1 Ry
Ryy=r <1+g R ) C,=C <1+ 3! )z : !
gs1 fs17°s1) Y147 “gd1 " =d .
|+gfs1R$1 1+J("'RD1ngi

rg /
Riem™ % (Hgstc»u) R01=rds1<l+gfisS‘l)

Fig. 1.23 FET differential-stage model including differential and common-mode
equivalent circuits.
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response curve is similar to that of Fig. 1.19. Combining the character-
istics of the differential signal and common-mode signal models of Figs.
1.14 and 1.22, the complete model of an FET differential stage is shown in
Fig. 1.23.

1.4 Differential-stage Unbalances and
Common-mode Rejection

In the preceding section the common-mode behavior of a differential stage
was considered under the assumption that the stage was perfectly
balanced. TFor that case common-mode input signals produced only a
common-mode signal at the outputs.

The unbalances in a differential stage are the sources of differential
output error voltages resulting with common-mode input voltage swing.
Mismatches in emitter-base junctions, emitter or collector resistors, betas,
signal source resistances, output resistances, and collector capacitances
all create these differential error voltages in a bipolar transistor stage.
Rather than consider all these unbalances together, a far more manage-
able solution results by considering the typical case of small mismatches
for which the interaction of the different unbalances is a second-order
effect. The different unbalances may then be considered separately.
Considering first the differences in emitter-base junctions and in emitter
resistors, these unbalances cause unequal division of the common-mode
current between the two halves of the differential stage. In Fig. 1.24
common-mode current I, is divided into emitter currents I.; and I..
Note that the emitter-base junction mismatch is represented in terms of
the difference in junction forward dynamic resistances Ar.. The output
error voltage Eqq is

Eoa = Eor — Boz = —a(ler — L2)Rc = — (I — L) Re
with
AR, R.
Ie =11 Ie el = — - dcm e = e
2 ( +Re) 1 Iy 2Re+AReI R, Re+r
and
Eicm RG
Icm = — f e
Rem 0rRCM>>R+1——a

Combining the above four relationships gives

Eo1 — Eoe | AR,

ﬁ————z = R Aoem due to ARg and Ar, for R. > AR.
Considering next unequal source resistances or transistor betas, differ-
ential input error signals are developed by base current changes occurring
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Fig. 1.24 Equivalent circuit of
a bipolar transistor differential
stage with unbalanced emitter
resistances.

with common-mode voltage signals. Represented in Fig. 1.25, the error
voltage E; is developed by either the source resistance or base current
mismatch indicated. Appearing directly at the stage inputs with no
additional intervening source resistance, the differential error is amplified
by a gain of

Rc

R.

For unbalanced source resistances alone, the common-mode generated
output error is

A =

oy — Eop = ALEx = g—’? I ARq

Since the common-mode input signal is essentially across Rcum, the base
current signal which results is

_ Eicm
26Rcem
and the output error is related by

Eol - Eo2 A:RG
= Aoem
B BR. o due to ARg

I
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If the transistor betas are mismatched, the base current differential Al
shown in the figure results. It may be approximated by

Eicm Aﬁ
I = Ipy — e = =
Aly b1 P = S Rom B

if ABK B

The flow of this differential current in equal source resistances creates
the following output error:

Eol - Eo2 = Aé)Eie = %E AIbRG

Eol - EoZ RG AB
—_— = - A cm
B BR. B o due to AB

Unequal output resistances cause additional common-mode error.
For bipolar transistor differential stages, the transistor output resistance
is typically far greater than the load resistance and does not greatly
lower stage gain. However, when considering common-mode error
terms, a high degree of match is important between the gains the two
transistors present to common-mode input voltages. In the case of

Fig. 1.25 Differential stage showing input error voltage
resulting from unbalanced source resistances or unequal base
currents.
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the balanced stage discussed previously, the gains are identical, resulting
in equal outputs and a common-mode output voltage only. Thus,
Eocm . RC Eol Eo2
—_— = Aocm = — — =

Eicm 2RCM Eicm Eicm
From this relationship, the effect of unbalanced collector loads can be
seen:

Eol - Eo2 ARC
= — due to AR,
Eicm QRCM ©
The effect of finite output impedance appears in loading on the equivalent
output current generator, as represented in Fig. 1.26a. This model is
derived from Fig. 1.20 for R¢ + BRr < BRcu. The resulting unequal
gains again create an error voltage as expressed by

EiemRe ( Ro + ARo _ Ro )
2Rcu \Ro + ARo + Rc  Ro + Rc¢

Eol - Eo2 = -

For Ro > ARo + Re,

Eo1 — Eo2 , ARo
Eicm RO

A final source of error to be examined is that of mismatched collector-
base capacitances in the differential-stage transistors. These create
unequal feedthrough currents from the common-mode input signal to
the output. The result is a differential output error signal which may
be considered by using the feedthrough current representation of Fig.
1.20, as repeated in Fig. 1.26b for R¢ + BRe <K Rem.

B, — E, .
———IE.—E = jwRc AC, due to AC,

E01
+ +? EO!
Eiem R R B R
2Ry ot AR, c V) Eicm ju Cc c
| Eoq

1 ™
CD Eicm v (Cc +Acc) Re ~

(a) (b)

Fig. 1.26 Equivalent circuit for common-mode effects of unbalanced (a) output
resistances and (b) collector-base capacitances.

AOcm due to ARO

Eiem R Re
2Rey 0
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In general, this capacitance unbalance is the major source of high-
frequency output error from common-mode signals.

Summarizing the output voltages resulting from input common-mode
voltage, the output common-mode and differential relationships are
expressed below:

Eocm . A 1 + jszCMCc
Eiem O™ (1 + jwRcCo) (1 + joReC)

Acm (.] "’) =

Ro

A om = —
© 2Ron

(1-34)

Since the unbalances may each be either of two directions, each effect
may add to or subtract from the others.

Eo1 — Eoo AR. ABRe¢ ARg @ ARc AR0>
— = +Aom|l— =+ + + +
Eien = (Re ~ BR. ~ BR. = Rc ~ Ro
+ jwRo AC.  (1-40)

Each term in this expression identifies the source of its common-mode
error component by the differential of its numerator. Comparison of
the above two expressions indicates that the low-frequency differential
and common-mode output error terms are related by the degree of
unbalance.

Foa - Foem <ARe + ABRc + ARg + ARc + AR0> at de
Re 62Re IBRe RC RO

Eicm Eicm

For the unbalances generally encountered above, the resulting differential
output error terms are a small fraction of the common-mode output
error. If a differential output is taken from the stage, only this smaller
error term represents a direct error to the amplified differential input
signal. In this case the error voltage common to the output terminals
is a common-mode signal presented to the load or following stage, and
its associated signal error is determined by the common-mode signal
sensitivity of such a load or stage. When a single-ended output refer-
enced to common is taken from the stage, the output error voltage
added to the amplified input signal consists of both the differential and
common-mode output error components referred to above. A common-
mode gain for each case is then defined in terms of the above error
voltages included in the output signal. For a differential output,

— Ao (ARe ABRs  ARg . ARc 4 AR0>

R. = BR. = BRe ~ Rc 7 Ro
+ joRc AC, (1-41)
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For a single-ended output,

Eol Eocm Acmd . Eocm
Acms B Eicm B Eicm + 2 h Eicm
1 4+ jw2RouCe

(1 + JchCc)(l + ijGCc)

Acms = AOcm (1‘42)

Comparison of the differential and common-mode gain expressions
reveals a key feature of the differential stage. This feature is expressed
by the common-mode rejection ratio (CMRR) in terms of the ratio of
differential gain to common-mode gain. For a single-ended output,

CMRR, = 20 - _ Rox

= = t low frequenc 1-43
AOcms Re + RG/ 6 a 4 y ( )

In general, the common-mode biasing resistor Rom is much larger than
the emitter resistance R., or Rg/B. The differential gain is, then,
much greater than the common-mode gain, permitting an output signal
due primarily to the differential input signal, as expressed by the com-
mon-mode rejection ratio. Voltages common to the two inputs, such
as those resulting from noise, or ground loop currents are thereby rejected.
A high degree of improvement in common-mode rejection is achieved
with a differential output as expressed for low frequency by

Ao - 2Reon’ .
AOcmd Re + RG/D6
1
AR./R. + ABRG/B?Re + ARc/BR. + ARc/Rc + ARo/Ro

CMRR4 =

(1-44)

Comparing the signal-ended and differential output cases,

CMRR, AR,  ASRs , ARq ARc  ARo
CMRRs; R. = fR. = BR. = Rc ~ Ro

at low frequency

As this expression indicates, common-mode rejection is far greater for a
differential output than that achieved with a single-ended output.
Circuit unbalances in the basic FET differential stage of Fig. 1.27
give rise to similar differential output sensitivities to common-mode
input voltage. Differential output errors are caused by mismatched
source or drain resistors, forward transconductances, signal source resis-
tances, output resistances, gate leakage currents, and gate-drain capaci-
tances. Having a close parallel to the bipolar transistor case, the effects
of FET-stage unbalances are drawn from the preceding analysis by
considering the similar stage models of Figs. 1.20 and 1.23. Unbalanced
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Vi

Fig. 1.27 Basic FET differential stage with a common-mode
input signal.

source resistors and forward transconductances divide the common-mode
current unequally between the two sides of the stage, as did the mis-
matched emitter resistors and emitter-base junctions in the bipolar
case. The resulting output is expressed by

Eol - E02 - A:R'S + I/Agfs
Eiem Rs + 1/gfs

Aoem due to ARs and Agss

As before, unequal load or output resistances mismatch the gains received
by the common-mode signal on the two sides of the stage.

Eol - Eo2 A]RD

= — due to AR
Eicm 2RCM e o P

Output resistance unbalance and its voltage sensitivity are commonly the
major sources of FET-stage sensitivity to common-mode voltage. Being
relatively low, 300 kS, the output resistance of a typical FET stage pre-
sents a noticeable shunt to gain. Output resistance mismatches, then,
have greater effect on the gain balance than that encountered with bipolar
transistors. In addition, FET output resistance is fairly sensitive to the
drain-source voltage, becoming significantly smaller at low voltages. As
common-mode voltage swing lowers Vgs, the gain shunting by output
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resistance and the accompanying effect on gain balance increase. The
output error is described by

Eoi — Exx . ARo
Eicm B RO

AOcm due to ARO

Unbalanced gate-drain capacitances result in different feedthrough cur-
rents in the same manner as did mismatched collector-base capacitances.

Eo - Eo .
___113_.____2 = jwRp AC,.q due to AC,q

Common-mode signal sensitivities resulting from differences in signal
source resistances or gate leakage currents are due to the voltage sensitiv-
ity of the gate leakage current. A common-mode input voltage creates
a direct change in gate-drain voltage, causing gate leakage current varia-
tion. For silicon FETSs the reverse-biased junction leakage comprising
the gate leakage current is very poorly described by the well-known
junction equation. Formed essentially by thermal generation of carriers
in the junction space charge layer, the leakage current is proportional
to the volume of that layer. Depending upon the junction doping gradient,
the space charge layer volume is proportional to the square root or cube
root of the reverse-biasing voltage.* Since the gate-drain signal voltage
is commonly far greater than the gate-source signal voltage, the former
will primarily determine the signal-dependent gate leakage current. As
an approximation,

I ~V Vgp (1‘45)

and the leakage current signal resulting from common-mode voltage will

be
Ig = IB V Eicm

where Ig is the input bias current or static gate leakage current of the
FET. Similarly, a differential between the gate leakage currents, the
input offset current, develops a differential input signal current.

Al = Ios \/E_m;

As analyzed for the bipolar transistor case, flow of the input current in
unequal signal source resistances produces an error voltage between the
stage inputs. This error is amplified by the differential gain of the stage
as indicated in

Eo1 — Eoz = I; ARcAo = Iy ARcAo V Eim

Eo1 — Eo ARGA
: 2=IB Roo due to ARg

E icm V E icm




Differential Amplifier Stage Signal Characteristics 37

A similar error results from the input voltage produced by unequal gate
currents in the signal source resistances as given by

E,, — E, I A
1 2 _ osRaAo due to o

E iem V' E icm

Combining the preceding terms results in the complete expression
describing the common-mode signal sensitivity of an FET differential
stage due to circuit unbalances. .

Eol - Eo2 (ARS + I/Agfs ARD ARQ)
- = iA cm + +
Eiem © Rs + l/gfs Rp Ro
A .
+ \/Eicm (Is ARe + IosRc) + jwRp ACe  (1-46)
where
Rop
A cm = —
° 2Reu

Individual unbalances are identified in the above by the differentials,
except for Ios which represents a differential current. The first series of
terms indicates sensitivities proportional to the fractional unbalances.
To consider separately common-mode rejection in terms of error sources
significant for differential and single-ended loading of the stage, a com-
mon-mode gain is expressed for each case. With differential loading,
only the differential output error signal directly adds to the amplified
signal and, from Eq. (1-46),

Mg = +Aoen (ARs + 1/Ag;s " ARp + ARO)

Rs+1/g:s = Rp = Ro
Ao
+

B \/Eicm

For a single-ended output, both the differential and common-mode output
error voltages add to the output signal. Common-mode gain of the
balanced stage of Sec. 1.3 identifies the common-mode output term.

(Is ARG =+ IosRe) + jwRp ACea (1-47)

1 4+ 2jwRcmCea
1+ ij(}ng)(l + jwRpCya)

Acu(jw) = Aoem (1-39)

Under conditions of small circuit unbalances, the common-mode output
established by the above gain will be much greater than the differential
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output defined in Eq. (1-46).

Eol - Eo2 Eocm Eocm
Acms = =

2Eicm + Eicm Eicm
1 4 2joRcuCea

1 4+ joRCu) (1 + joRpCga)
Low-frequency common-mode rejection is defined by dividing the de por-

tions of the above common-mode gains into the low-frequency differential
gain from Sec. 1.1: '

Acms = AOcm

(1-48)

'—'gstD
Ao = ——— 1-9
® " 1+ guRs (1-9)
CMRR; = _28uRow. at low frequency - (1-49)
1+ gwRs

As mentioned, the differential output case is much less sensitive to com-
mon-mode signals having a common-mode rejection of
CMRR, |
1
1 + gwRs (ARS + 1/Ags + ARp + ARO) + Is AR¢ =+ IosRa
2gt.Rom Rs+1/g,e ©~ BRo = Ro/ — VEin '

(1-50)

at low frequency.

Because of the low and variable output resistance of an FET differential
stage, its differentially loaded common-mode rejection ratio is typically
an order of magnitude lower than that attained with a bipolar transistor
stage. When a resistor is used for common-mode bias as considered, the
rejection ratios are of the order of 10:1 and 100:1. Use of a transistor
current source for biasing greatly improves common-mode rejection as
covered in the next section. The FET-stage common-mode rejection
is far less sensitive to signal source resistance and will be superior for
resistances above about 50 k.

1.5 Differential-stage Design and
Specialized Differential Stages

In the design of a differential stage the interrelationships or various
performance characteristics are considered. As a guide in the use of this
book for differential-stage design, those basic characteristics affected by
each design decision are identified in this section, with references to indi-
vidual detailed discussions in other sections of the book. In the course of
selecting the elements of the stage, compromises are made between gain
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and bandwidth, input bias current and slewing rate, common-mode
rejection and component matching tolerances, and so forth. Additional
circuitry which may be used to improve certain operating characteristics
without significantly disturbing others is considered to avoid some of the
design compromises. Characteristics considered in design include gain,
bandwidth, input impedance, common-mode signal range and rejection,
input currents and offset voltage, thermal drifts, slewing rate, and noise.

For discussion purposes, the elementary stages of Fig. 1.28 are used.
In the bipolar transistor stage, the current level I¢ is chosen to limit the
input bias currents Iz while also providing sufficient output current and
slewing rate. Being the base currents of the transistors, input bias
currents are directly proportional to the collector current level. Flow of
these base currents in unequal source resistances creates an input error
voltage, as does the difference current, or input offset current, in matched
signal source resistances. These currents have strong temperature
dependences which are described more fully in Chapter 2. When drawn
from a preceding differential-stage output, the input currents and their
temperature sensitivities cause drift in the loaded stage, as will be covered
in Chapter 4. For an FET stage, the drain current Ip is most commonly
set at its zero temperature coefficient level. Minimum input voltage
drift is achieved when the FETs are biased at this current level, as will be
discussed in the next chapter.

Directly related to the stage current level are sensitivity to output
current and slewing rate under capacitive load. The small unbalances
between output currents considered in Chapter 4 produce sizable voltage

R R
ICMl CM lc"l cM

v v

Fig. 1.28 Elementary differential stages.
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offsets and drifts between the stage inputs. When driving a capacitive
load, as in the case of phase-compensated stages in Chapter 5, the rate of
change of output voltage is limited by the current available to charge the
capacitor. The current available is commonly the sum of the first-stage
collector currents since the input signal can shift the total stage current
to one side for charging the capacitor. Thus, the slewing rate of the
bipolar transistor stage output is limited to

deo 2IC

dt C

where C is the capacitance load of the stage. By using the above
expression, with consideration for sensitivity to output current, the collec-
tor current level can be chosen to minimize the input bias current, input
offset current, and their drifts within the limits imposed by slewing rate
requirements. When considering large ranges of collector current level,
the effect of this current upon small-signal response may become a factor
in the above compromise, since the required value of frequency compensa-
tion eapacitor may vary with the current level. With the inputs at 0 V,
the stage current level will be

_1Vee+ Vee + Vo
2 Reum

Ic =

or

I = __I_VGS+VRS+V—
P 2 Reu

Once current levels are chosen, resistances define voltage biases. Col-
lector resistors Rc or drain resistors Rp are chosen to provide the desired
gain and output de level within the bias limits needed for common-mode
voltage swing. As defined by Egs. (1-2) and (1-9), stage gain is propor-
tional to the values of the collector or drain resistors. Emitter or source
degeneration resistors, R or Rs, stabilize the referenced gains by decreas-
ing sensitivities to variations in dynamic emitter resistance r. or trans-
conductance gs. Both r, and gi, change with temperature, and a wide
range of transconductances is found among FETs. In addition, the
emitter resistor is significant in increasing differential input resistance
defined in Eq. (1-4). With the establishment of the stage current in
choosing Rcm above, selection of a load resistor, Rc or Rp, fixes the output
dec level Eo. For the stages shown, positive common-mode voltage
swings decrease the collector-base or gate-drain voltages, and saturation
limits the input common-mode voltage range. Unsaturated operation is
ensured for collector-base voltages above zero or for a minimum gate-
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drain voltage defined as Vs in the equation that follows. The positive
common-mode voltage limit will be

2Rcmv+ + RC(VBE + VRE + V—)
2Ren + Re

(EICM+) max —

for the bipolar input stage or

2Reu (V4 — Vs) + Rp(Vgs 4 Vrs + Vo)
2Rem + Ro

(EICM+)max =

for the FET stage. Negative common-mode input swing on the illus-
trated stages is limited by the accompanying decrease in the stage
current. By using a transistor current source to set current level, as will
be described, the variation of collector or drain current with common-
mode swing is greatly reduced and larger common-mode ranges are
attained.

Matching the characteristics of the components of one side of the stage
to those of corresponding elements on the opposite side imprcves common-
mode rejection and decreases thermal drifts. In the preceding section
common-mode errors due to unbalances in resistors and device character-
istics were detailed. Lower input offset voltages and related thermal
drifts to be discussed in the next chapter are achieved by matching bipolar
transistor emitter-base voltages or by using FETs with equal de param-
eters. For reduced input offset currents and drifts, equal bipolar tran-
sistor betas or FET gate leakage currents are chosen, as also discussed in
Chapter 2. Noise performance considerations given in that chapter also
dictate careful choice of transistors.

As discussed in Sec. 1.4, signal sensitivity to common-mode input
voltages is decreased by the high resistance of the common-mode biasing
resistor Rcy. Common-mode rejection (CMR) ratios derived there were
shown to be proportional to this resistance. A significant improvement
in CMR can be made by replacing the common-mode biasing resistor
with a transistor current source as shown in Fig. 1.29. With the voltage
divider base bias, as shown, a fixed voltage is established on the current
source emitter resistor Rg to create a constant output current defined by

. __a_<R2(V+—V-)_V)
CM _RE R1+R2 BE

The dynamic output resistance of a bipolar transistor provides common-
mode resistance of the 10-Mg level for two orders of magnitude increase in
CMRR with the typical differential stage. To maximize the current
source output resistance, the resistance at the transistor base, Rg, should
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Fig.1.29 Current-source-biased
differential stage.

be low, as indicated in the common-emitter output resistance expression
from Sec. 1.1.

RCM=Rf)ﬁrc%f+L§£3$10MQforﬁ>>l and R. < r.
At higher frequencies the output resistance of the current source is
bypassed by its collector-base capacitance, as was the differential-stage
output resistance considered in Sec. 1.2.  From this previous analysis, the
equivalent output capacitance of the single current source transistor is
twice that of the differential stage composed of two series-connected
transistors. From Eq. (1-21)

Re + RB
O
° R. + Ro/8
The output impedance will have a pole at .
1 1

f, = I 5kHz

T 2¢R,C,  2nr.Ce
To avoid extremely low common-mode impedances at high frequencies, a
resistor Rgy is added in series with the current source output, providing
R. + Rz/8 1

Re + R 1 + jor.C,

Zow = Roy + 1o (1-51)
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With a transistor current source, common-mode rejection ratios of
50,000:1 and 2,000:1 are commonly achieved for differential and single-
ended output bipolar stages, respectively. Analogous ratios for FET
stages are of the order of 1,000:1 and 500:1. Common-mode input
resistance is also improved by the high common-mode resistance provided
by a transistor current source. For this case input resistance is limited
only by the input transistor collector-base feedback presented by r..
From Eq. (1-27),

Riem = gf for Ron > %

at low current levels, Ri.m above can reach 108 Q. In general, the input
differential stage of an operational amplifier includes a transistor current
source.

Even further improvement in common-mode rejection of a differential
stage is attained with common-mode feedback. Being the ratio of differ-
ential gain to common-mode gain, CMR is increased by feedback which
reduces common-mode gain. Each of the common-mode gain expressions
for unbalanced stages defined in the preceding section is proportional to
the balanced stage common-mode gain.

Acy = — or Acu = Ro

2RCM B 2RCM

Considering the bipolar transistor case, Fig. 1.30 represents a differential
stage with common-mode feedback to its biasing current source. At the
junction of the second-stage emitters the signal is essentially the common-
mode output of the first stage for Ry + Rz >> res. A resulting signal in
the current source base bias which creates a current change is indicated.
This feedback signal current opposes that developed by the input
common-mode voltage across the current source output resistance Rcu.
For R3 > re; and Rem >> R + r.; the resulting current is as shown in the
diagram, and one-half of this signal will flow in each collector load. Since
the collector resistors are shunted by the second-stage input resistance,
the load resistance seen by each collector is

Ri = R¢||Riem2 = Re||B(R1 + R2) for Ry < BR;
and the common-mode gain is

Eoem __ R (R1 + R9)Rs
Eiem 2Rem RiRs + RoRs 4+ RaRe




44 DESIGN

+

Ei(:m
- R
l s [ T2

—_ °€""\R1+R2)
Ra
Rs
V-0

Fig. 1.30 Differential stage with common-mode feedback to its
current source.

Expressing the above in terms of the gains resulting with and without
feedback displays the degree of improvement. For Agy the gain with
feedback is

A
A, =— 1-52
1 4+ BR:/R; ( )
where
Ry
Acm — —
2Rcm

A factor of 3 reduction in common-mode gain is commonly achieved with
the described feedback.

Cascode biasing applied to a differential stage provides improved
common-mode rejection and lower input leakage current along with
decreased input capacitance and greater bandwidth. Bipolar transistor
cascode biasing of an FET differential stage is shown in Fig. 1.31. By
means of a constant current source and a small resistor Rp, the cascode
transistor bases are referenced to the FET sources. The emitter-follower
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cascode transistors then set the drain voltages at a fixed level above the
voltage at the sources. Signal currents in the FETs produce very small
gate-drain voltage changes, as the load resistance presented to the drain
is the emitter follower output resistance r. + Ry /8.

Vi . gis(re + Rp/B) g< 1

E: 1+ gwRs

Instead, the output signal swing occurs on the collector-base junctions of
the cascode transistors which transmit the signal current to the load
resistor Rc. For a transistor alpha near unity the signal current is
essentially all transmitted and the de voltage gain will be the same as that
achieved with the conventional stage. To prevent input common-mode
voltage swing from affecting the cascode circuit, it is biased from a
common-mode point, which is the junction of the FET source resistors in
this case. When both inputs are shifted by a common-mode input signal,
the sources follow the inputs forcing the cascode bias and FET drains to
track the common-mode signal at the gates. For Rey >> Rs + 1/g¢ and
Rp < Brgs the drain voltage follows the gate common-mode voltage
exactly.

Differential input capacitance of the cascoded circuit is greatly reduced
by elimination of Miller-effect multiplication and greater bandwidth

Fig. 1.31 Cascode-biased dif-
ferential stage.
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results. With only the reduced signal across the gate-drain capacitance
it shunts only a negligible current from the input as given by

I = (1 _ g:s(re + Ra/B)

j E;/2
1+ guRs )chgd /

Gate-source capacitance is now one major component of differential input
capacitance as represented in the analysis model of Fig. 1.32. For
rys > 1. + Rs/B, the model yields
()
jwCpa

Since r,, rarely presents a shunt to typical signal source resistance levels,
it may be neglected in the above to simplify the differential input capac-
itance expression.

Z1=(2Rs+2 1+ giRs )

1/rgs + jwCes

C Ces
Ci=—+—"_—L3pF 1-53
21 + goRs) ~ °° (1-53)
In Sec. 1.2 the differential input capacitance was identified as a major
bandwidth limitation for nonzero signal source resistance. Input capac-
itance shunting of the signal source by a cascoded stage is characterized
by a higher pole frequency.

po_ L
® " 27(2Re)Cr

A second pole is added to the stage response by the collector-base capac-
itances of the cascode transistors. In biasing these transistors, the base
bias resistance level is chosen to be small so that C. bypasses the load

[ ~jwCqdEj/2
— —

o)

A Cad
Vgs juC

c l 9
=2 r gs gs QS fs'gs
s 7
|'gs 1 9 fds

- / o _,é_
1
Vgs (gs +JwCs+gfs )i%Rs

1+g¢s Rg>>re + Rg/B rds >>re + Rg /B

Fig. 1.32 Differential input capacitance analysis model of Fig. 1.31.
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resistor to a low impedance point. A resulting time constant is, then,
RcC., and the pole frequency is
. 1
P ZWRCCc

Bypass of the cascode emitter by its own capacitance and Cg, creates a
negligible pole at much higher frequency than the above because of the
low resistance at the emitter. Combining the input capacitance and
collector capacitance poles with the low-frequency gain from Eq. (1-9)
yields the response of the cascode stage.

. Ao
A(jw) = . . -54
(Jw) (1 -+ 2]wRGcI)(1 + ,](’-’RCCc) (1 5 )
sR
0=—]_-—-%—_f-g-_:I{s fora =1 rg5>>RG+RS

Common-mode rejection and gate leakage current are also improved
by cascode bias. Lower gate leakage current results from the lower gate-
drain bias voltage permitted by the cascode circuit. Since signal swing
is absorbed by the cascode transistors, the large gate-drain voltage bias
normally required to permit common-mode swing is unnecessary. In
addition, the elimination of common-mode swing across the FET output
resistance and gate-drain capacitance greatly improves common-mode
rejection. As discussed in the preceding section, the low and voltage-
sensitive output resistance of junction FETS is the major source of
common-mode error in FET differential stages. A factor of about
20 higher output resistance is presented to the common-mode swing by
the bipolar cascode transistors, and from Eq. (1-7) for a low resistance
base bias the output resistance is

Ry = 2r, L 20 M@

With no gate-drain swing the previous common-mode errors resulting
from gate leakage currents, signal source resistances, and gate-drain
capacitances do not occur. Each of these errors results from input or
output currents generated by gate-drain voltage swing.

By using the high dynamic output resistance of a transistor current
source as a load, much higher voltage gain is achieved in a differential
stage. Such a dynamic load is shown as Q; in Fig. 1.33a. Dynamic
load resistances up to 10 MQ are provided by the transistor without the
large load bias voltage drop which would result from a resistor of this size.
Being the junction of two collectors, the output bias voltage is not rigidly
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1||——<

(a) (b)

Fig. 1.33 (a) High-gain differential stage using a dynamic load and (b)
differential gain analysis circuit.

fixed and will be established by the dc level of the load. Gain is further
boosted in the circuit by the signal drive applied to the load transistor
base; thus the voltage gains of all three transistors contribute to the stage
gain. Neglecting common-mode bias for the differential gain analysis
and considering one-half the input signal applied to each input, the analy-
sis circuit of Fig. 1.33b results. From this circuit

Ei _Ei
Eo = A, 2" + AA, —
Eo 1
A= =5 (A= A

Solving for the voltage gain of Q first, the exact common-emitter gain
expression used in Eq. (1-1) is needed since the load resistance is com-
parable to the transistor output resistance. In this case

_ _aRC2rc
Re(Res + 1) 4+ Re[Ree + r(1 — )]

Ao:

To simplify the overall gain result, the same 8, «, and r, will be used for
the three transistors. Load resistance Rc: seen by Qg is the output resis-
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tance of Q; as described by the common-emitter expression used for
Eq. (1-5).
Res + Ras(1 — o)
= Rgs =T, forr, > R
RCZ 03 Res + RG3 G3

Since the exact gain equation is sensitive to the magnitude of «, this last
output resistance expression does not approximate 1 — « as 1/8, as done
in Eq. (1-5). TFor Qs Res = Ry + rs A R, and Rgs = Ry + 11 = R/
since the diode forward resistance equals the dynamic emitter resistance
for equal current levels. Then,

2 —
Rz = Te —— > 1o(1 — @)
and

Ae, = —ar,

7 Rg + Ref(a — 4)/(3a — 4)]

_rc

Aoy = ——°— =1

02 Re + 3R, for a

Voltage gain provided by driving the load transistor base, AjAj;, is
defined by using the simplified gain expression for A; and the exact
equation for A;. Since the load resistance presented to Q;, R, for §>> 1,
is small compared with r.(1 — «), the simplified common-emitter gain
result used in Eq. (1-2) applies.

—R/
Agy = ———2 for R, (1 —
TR Rep  rResroe)
To solve for the gain of Qs,
—aRcsl‘c
Aos

~ Rl(Ros + 1) + Ras[Ros + ro(l — a)]

For Qs Rgs = R, and the load resistance Rc; is the output resistance

of Qz.

R. + Re(1 — @)
Res = Rz)z = I‘c—‘—Rej—(RG— for r. > Rg

Combining the last two expressions, the gain reduces to

_ E OtRe + a2RG/ﬁ
R. (4 — @)R. + (4 — 32)Rq

For the terms above containing « directly it is reasonable to assume
a = 1, for which

Aos =

) Re + RG//3

AO"‘:_R_; 3R. + Ra
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Substituting the gain results above for the three transistors in the overall
gain equation
A = }é(A2 - A1A3)

provides the final expression:

—rc
Ao = SR T Re

Voltage gains as high as 10,000 are possible with this stage as evidenced
by the gain approximation for low source resistance.

(1-55)

Te
3R.

Ao = fOI‘ R(} < 3Re

Maintaining this high gain will require isolation of the high resistance
stage output from lower impedance loads. Resistance at the stage output
is the parallel-combination of those found above for Q. and Q.

Re + RG/B

Ro = X R ¥ Re

(1-56)
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INPUT ERROR SIGNALS
AND THERMAL DRIFTS
OF A DIFFERENTIAL
STAGE

Error signals limiting the signal sensitivity of a differential stage result
from de bias and noise. Representing these signals as equivalent
input error signals are the input offset voltage, input bias currents,
input offset current, input noise voltage, and input noise currents of a
differential stage. Thermal dependence of bias characteristics makes
the de error signals drift with temperature so that error compensation
is difficult. For direct-coupled (DC) amplifiers, however, the differ-
ential stage offers significant reduction in input bias voltage and asso-
ciated drift over the common-emitter or common-source stage. This is
due to the fact that, although input voltages to common-emitter or
common-source transistors must include the emitter-base or gate-
source voltage bias, these biases are balanced by those of a second
transistor in differential stages. Because of this balancing action only
the differential bias voltage and bias voltage drift must be supplied as
a DC input to establish the desired output quiescent level. The quiescent
output of a differential stage is defined for zero voltage between the
two output terminals, as is established by applying the input offset
voltage between the inputs to supply the differential bias voltage.

51
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Since it is required for biasing, the input offset voltage and its thermal
drift present input error voltages to dc signals. These errors are reduced
by matching emitter-base or gate-source voltages on the two sides of
the stage and also through compensating circuit adjustments as described
in the following sections. Additional input error voltage results from
the flow of DC input bias currents in signal source resistances. In
this chapter these currents are discussed in terms of the bipolar transistor
beta or FET gate leakage current governing them and their temperature
sensitivities. Just as was the case for input bias voltage, the differential
stage provides a balancing bias to reduce error, as the two input bias
currents will produce similar error voltages at both inputs whenever
equal resistances are presented to the inputs. The error will then be
due to the differential input current as represented by the input offset
current. Adding to the de errors discussed above will be ac errors from
noise generated in the various components of the stage. Each source
of noise is reflected to the stage input, providing an equivalent input
noise voltage and input noise current representing noise characteristics
of the stage.

2.1 Input Offset Voltage and Drift of
Bipolar Transistor Stages

Mismatch of transistor emitter-base forward bias voltages is the source
of input offset voltage in the elementary bipolar transistor differential
stage. Defined as the input voltage required to provide zero output
voltage, the input offset voltage applied as an input signal makes the
two collector currents equal, as represented in Fig. 2.1. From the
diagram,

Eoa = 0 = —IciRe + IcoRe

vV, O

v_O

Fig. 21 Defining conditions for the input offset voltage of the
elementary bipolar transistor differential stage.
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where Ici = Ice for balanced collector resistors. The input offset
voltage is
VOS = VBE]. - VBEZ (2"1)

where Vpg: and Vpg: result for equal current levels. Selection of
transistors for low emitter-base voltage difference readily yields input
offset voltages around 1 mV. Similar offset is achieved in monolithic
integrated-circuit differential stages through matching provided by
simultaneous adjacent fabrication of the two transistors. Unbalanced
output loading or mismatched resistors producing additional offset
are considered in Chapter 4. Representing a small fraction of the
600-mV level emitter-base voltage, the 1-mV differential is made possible
by the excellent consistency of emitter-base voltages among transistors
of the same type.

Forward voltage drop of the emitter-base junction is described begin-
ning with the junction equation.?

Iz = Is(quBE/KT— 1) (2-2)

where Is & thermal junction leakage current
q A electron charge = 1.6 X 10~!° coulombs
K £ Boltzmann’s constant = 1.38 X 102 joules/°’K

T £ temperature, °K = °C + 273

Under forward bias the —1 term above is negligible and Vg is found
to be
Vse = XT In 1= (2-3)
q Is
Considering this result, it is seen that emitter-base voltage is determined
by emitter current, thermal leakage current, and physical constants
K, T, and q. At a given emitter current level the variations in Vgg
between transistors of the same type is represented in Eq. (2-3) by the
variability of Is. Differences in thermal leakage currents reflect varia-
tions among junction depletion regions and doping levels which are the
basic causes of emitter-base voltage differences. Generally the emitter-
base voltages of a random group of transistors of the same type at the
same current level are within 20 mV of each other. As a result, selec-
tion of transistors matched for Vyg to within 1 mV of each other is
relatively easy. Although Eq. (2-3) accurately describes emitter-base
voltage, the thermal leakage current included is masked by much larger
surface leakage currents in silicon transistors at room temperature,
preventing Is from being a useful matching parameter.
Input offset voltage drift can be directly related to the input offset
voltage of the balanced stage considered. Excellent uniformity of
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emitter-base voltage temperature coefficients and a high correlation of
thermal matching to room temperature Vg matehing make low drift
possible. To examine this drift the emitter-base voltage thermal char-
acteristics are first resolved. From Eq. (2-3) emitter-base voltage tem-
perature sensitivity is described by

The temperature coefficient of Is is essentially that of the square of the
intrinsic carrier concentration! N;2, which is

Ni2 = KT3e Es/KT
where E,, is the semiconductor band gap potential. Then,

1dls 1 d(Ng2)

IsdT Nz dT

from which the leakage current temperature coefficient is found to be

1dls 3
IsdT T o KT (2-4)
Thus,
dVBE _ VBE - Ego/q _ _3_I{_ (2_5)

dT T q

Much of this temperature dependence is determined by the physical con-
stants K, E,, and q and will be identical for all bipolar transistors of the
same semiconductor type. For silicon, the band gap potential is 1.1 eV,
giving
dVBE VBE — 1.1
ar T

—0.26 mV/°C ~ —2.2mV/°C

For a differential pair of transistors the components of Vpg thermal
drift defined by the physical constants above cancel to give

dVos _ dVgg: _ dVgg, _ Vee1 — Ve (2-6)
dT dT dT T '

As can be seen in this expression, matching the emitter-base voltages of
‘transistors further reduces input offset voltage drift. In practice, this
matching tends to locate two transistors having similar junction geometry
and doping characteristics, which have random variables not included in
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the analysis. Note also from the above expression and the offset voltage
expression of Eq. (2-1) that the input voltage drift is predicted by the
input offset voltage

dVos Vos . .
T =T T in degrees Kelvin (2-7)

Input offset voltage drift of 3.3 uV/°C, then, results for each millivolt of
offset voltage at room temperature, 298°K. Solution of this differential
equation for Vogs(T) indicates that the offset voltage due to emitter-base
voltage mismatch is a linear function of temperature expressed by

Vos(T) = CT

where C is a constant. As a result, the offset voltage drift will be a con-
stant over any temperature range.

Thus, by knowing the offset voltage at one temperature, the voltage drift
curve of a differential stage may be drawn. Poor thermal tracking of
other stage elements disturbs this relationship, but generally this is a
second-order effect. For the multiple-stage operational amplifier, this
correlation between the input offset voltage and its thermal drift is com-
monly disturbed by the offset and drift effects of following stages. The
drift interaction of cascaded stages is considered in Chapter 4.

Typically, the voltage drift of a differential pair of bipolar transistors
is reduced about a factor of 700 from the —2.2 mV/°C of a common-
emitter silicon transistor. This dramatic accuracy in matching thermal
emitter-base voltage drifts is possible because the individual temperature
coefficients are partly controlled by physical constants of the semicon-
ductor material and because matching of emitter-base voltages also
matches their temperature coefficients. The mechanism of voltage drift
reduction due to Vpr matching is demonstrated by substitution of the
junction equation for Vyg in the drift expression of Eq. (2-6).

Vos _ K Ten

dT = E IIIs1 fOl‘ IE1 = IE2

Note in the above that the residual input voltage drift of a differential
pair of transistors is related to a mismatch in the thermally generated
leakage currents of the emitter-base junctions. This relationship indi-
cates that differences in emitter-base junction temperature coefficients are
largely due to differences in junction geometries and doping profiles.
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Such differences result from variations in transistor fabrication masking
and diffusion.

Of course, it is not possible to achieve exact emitter-base voltage
matching, and additional second-order effects make zero input offset
voltage drift unlikely. To compensate for these limitations, the input
voltage drift may be further reduced by unbalancing emitter currents to
force the emitter-base voltages of a given transistor pair to be equal.?
The effect of current mismatch on the offset voltage drift is found by com-
bining the drift expression and the junction equation considering unequal

currents.
Wor K, (In 1)
dT q Igs Isy

-To achieve zero drift, the emitter current balance must then compensate
for junction differences expressed in Is,/Is:.

dVos Iei  Isi

—_ = for — =
dT Ige  Ise

Since the thermal leakage Is is masked by a much greater surface leakage
current for silicon transistors at room temperature, leakage current
matching except at elevated temperature cannot improve input offset
voltage drift. However, much of the remaining drift can be experi-
mentally nulled by creating an appropriate current unbalance. The
required unbalance is found by considering the compensating input offset
voltage drift resulting from emitter current mismatch separate from that
related to Is. Letting Is; = Igs gives the compensation expression

dVos) K IE1 IEI
= DB = (200 wV/°C) log =2 2.8
(dT = S e 2004V/°0) log 12 2:8)

From the plot of this expression in Fig. 2.2, the current unbalance needed
to null a given offset voltage drift is found. As shown, a 10 percent
unbalance will cancel an —8 uV/°C drift. The resulting drifts are con-
stant with temperature and thus provide a straight-line correction to
match the drift caused by Vg mismatch. In addition to predicting
drift corrections, these results describe input offset voltage drift which will
be caused by unequal current loading on the stage outputs.

Control of current balance for compensation of input offset voltage drift
may be achieved by variation of the stage resistor balance, as illustrated in
Fig. 2.3. Consistent with the definition of input offset voltage the case
shown is for zero differential output voltage. For a multiple-stage DC
amplifier this quiescent condition is established for the stage by dec feed-
back. The de feedback is typically necessary in such high-gain amplifiers
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Fig. 22 Input offset voltage drift resulting from current unbalance in a
bipolar transistor differential stage.

to prevent output saturation due to amplification of offset voltage by the
high gain. When feedback is applied to the input, the input stage current
is unbalanced to force the voltage between the stage outputs to zero for
zero amplifier output. With 0 V between the stage outputs the collector
load voltages are equal, and the stage will have a current division deter-
mined by the load resistance balance. Potentiometer Rcy will, then, vary
the ratio of the two transistor currents to adjust input offset voltage drift
as expressed by
E.s = 0 = —IciRe1 + Ic:Re:
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Fig. 2.3 Differential stage with
input offset voltage control R,
and drift control Rc;.

20 B g =]

Applying the earlier drift compensation equation,

dVos o Rea
T = (200 uV/°C) log Res

The resulting total input offset voltage will be nulled by using R; to
adjust the emitter resistance through which each current flows. In addi-
tion to offset from Vg mismatch, a current unbalance results in unbal-
anced voltages on the transistor dynamic emitter resistances re; and res
-as well as on Rg; and Rgs.  The total input offset will be

Vos = Vee1 — Ve + IgiRer — IesRee

where R, = Rg + r. and Veg: — Vg2 is the offset for equal currents.
From these considerations the disadvantage of the often used collector
circuit offset voltage balance control can be seen. Unbalance of the first-
stage collector load resistances does provide offset voltage balance; how-
ever, an additional 3.3 4V /°C drift results for each millivolt of the offset
reduced on the emitter-base junctions. Since the emitter resistor balance
does not affect the current balance, input offset voltage can be nulled by
emitter resistor trim without disturbing drift.

2.2 Input Offset Voltage and Drift
of FET Stages

Input offset voltage and drift of an FET differential stage are typically
far greater than those resulting with the bipolar transistor stage. To
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Fig. 24 Defining conditions for the input offset voltage of the ele-
mentary FET differential stage.

make use of the high FET input resistance and the low input gate current
described in the next section, a compromise must be made with dc errors
due to input offset voltage and drift. Less uniform de¢ characteristics
and thermal drifts make FET matching more difficult and less accurate.
Compensation of these error signals does, however, greatly improve de
performance. Input offset voltage of the basic FET differential stage
results primarily from mismatch of gate-source voltages. Additional
offset due to loading and resistor unbalance will be considered in Chap-
ter 4. For zero output voltage the input to the stage is the input offset
voltage, and the two drain currents are balanced for equal drain resistors,
as described earlier for the bipolar transistor stage of Fig. 2.1. These
conditions are applied to the basic function FET stage of Fig. 2.4 to
define the input offset voltage: .

VOS = VGSI - VGS2 (2"9)

where Vgs: and Vgse result for equal currents. Matching FET gate-
source voltages for low input offset voltage is more difficult than is match-
ing bipolar transistor emitter-base voltages. The bipolar transistors
commonly have a 20-mV spread of Vgg drops, but gate-source voltages
of FETs of the same type measured at the same current may vary by
several volts. By considering characteristics specified for FETSs, the
potential range of gate-source voltages can be predicted. An expression
for the gate-source voltage may be found, starting with the defining
relationship for drain current® given below with typical small-signal
n-channel FET parameters.

2
Ip = Ipss (1 - E—‘“’-) (2-10)
Ve
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where
IDSS é ID for VGs =0

Z 2 mA to 20 mA

Ve A pinchoff voltage = Vgs  for Ip = 0

z —2to —4V

From the above
VGS = Vp (1 - ’ll?—)
VIpss

Thus, specified ranges of pinchoff voltage and Ipss may be used to define
the possible range of Vgs values at a given drain current. Because of the
large range normally encountered, a Vgs match to within 20 mV is com-
mon, as compared with Vgg matching to within 1 mV. Nonlinear FET
output characteristics further complicate the matching of FETs. This
nonlinearity results from the voltage-sensitive output resistance discussed
in Sec. 1.4 and causes the gate-source voltage established by the biasing
drain-current to vary with drain-source voltage. When common-mode
signals vary Vps, the offset voltage will change unless the nonlinear output
characteristics are also matched. Additional input offset voltage diffi-
culties are encountered with MOSFETSs (metal-oxide semiconductor
FETs) because of time-sensitive gate-source voltages. As a result of
these surface-related instabilities, random input offset shifts of several
~millivolts occur, and MOSFETSs are seldom used successfully for differ-
ential stages. Only junction FETs will be considered here.
Considering the derivative of the offset of Eq. (2-9) with respect to
temperature, input offset voltage drift is seen to be the result of inaccurate
thermal tracking of gate-source voltages as expressed by

dVOS _ dVGSl dVGSZ

dT dT dT

For an FET biased at a fixed drain current, as in a differential stage, Vgs
changes with temperature because of two temperature-sensitive charac-
teristics.* The first is the width of the thermally generated depletion
layer at the junction of the gate and channel. Thermal variation of the
built-in voltage causes a 2.2 mV/°C increase in the magnitude of Vgg
for fixed drain current. Temperature sensitivity of the majority carrier
mobility is a second thermal factor affecting Vgs. This factor would
reduce drain current by 0.6 to 0.8 percent per degree centigrade except
for the fixed drain current bias. Instead, Vgs decreases in magnitude to
maintain constant current as related by the FET transconductance?® gss

defined by
dIp 2Ipss ( VGS)
D —— = 1 —— 2-11

Bt = dVgs Ve Ve ( )




Input Error Signals and Thermal Drifts of a Differential Stage 61

Considering an average 0.7%/°C effect for the mobility variation, the
gate-source voltage drift of an n-channel FET, for which Vgs is negative,
becomes

dVGs 7 X 10——3ID

T = —2.2mV/°C + T (2-12)

As displayed by this result, the two components of Vgg thermal drift
are opposing, and for some value of drain current the drift will be zero.
Zero temperature coefficient biasing occurs for drain current Ipz at which
level the transconductance is gz, and the relationship between the two
parameters is defined by setting the drift of Eq. (2-12) to zero to arrive at

Ipz

gst

=0315YV (2-13)

The gate-source voltage at its zero temperature coefficient bias point is
found by substituting the drain current expression [Eq. (2-10)] and the
transconductance expressed by Eq. (2-11) in the above condition. The
result is

Vesz = Ve — 063V ZE —15t0 —3.5V (2-14)

where Vp is the pinchoff voltage. Using the preceding result, the zero-
drift drain current is found with the drain current expression of Eq. (2-10)
to be

AT
= 04loss 150040 600 uA (2-15)
Ve?

IDZ
Selection of an FET for zero drift at a desired drain current level is
made by applying this relationship to specified pinchoff voltages and
Ipss levels. To evaluate the gain attainable at this bias point, the
Vasz result of Eq. (2-14) is substituted into the transconductance defined
in Eq. (2-11), yielding
1.261

gnz = ——22 L 600 to 2,000 pmhos (2-16)
Vot

Typically, gz is much smaller than the maximum attainable trans-
conductance which results for zero gate-source voltage given by

— 2IDSS

Ve

Unless a pinchoff voltage of —0.63 V is available, for which Vgsz = 0,
gtz Will be less than the maximum transconductance.

By combining the general drain current expression and the defined
Iz or Vgsz with the gate-source voltage drift of Eq. (2-12), the drift

gis for V(;s =0
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may be expressed as a function of other FET characteristics. First,
substitution of the drain current expression [Eq. (2-10)] and the trans-
conductance defined by Eq. (2-11) into the drift result display the drift
dependence upon pinchoff voltage and gate-source voltage. For this
case

dVgs

dT

= —2.2 mV/°C + 3.5 X 10_3(Vp b V(;,s) (2—17)

Rewriting the drain current equation to resemble the last term above
provides L
I
Ve — Vs = Vp 4/ —
Ipss
Combining the last two expressions, the gate-source voltage drift is
related to the ratio of drain current to Ipss by the expression

dv I
88 . —22mV/°C + 3.5 X 103 Vp 4/ —= (2-18)
dT Ipss

As a measure of gate-source voltage drift resulting from bias at other
than the zero-drift point, the zero-drift drain current of Eq. (2-15) is
combined with Eq. (2-18) to give

dVes
dT

IDZ

= —2.2mV/°C (1 -~ E) (2-19)

Deviation of biased drain current from the zero-drift level Ipz produces
drift as shown in Fig. 2.5. Note that for a 10 percent deviation in
drain current from Ipz the gate-source voltage drift exceeds 100 uV/°C.
Similarly, gate-source voltage drift may be expressed as a function of the
difference of Vgs from its zero-drift level. Using Vgsz as defined in
Eq. (2-14) with Eq. (2-17),

dT

Using the above four drift results, the input offset voltage drift of an
FET differential stage is expressed as functions of basic FET char-
acteristics and zero-drift parameters. Being the difference in gate-
source voltage drifts, input offset voltage drift from Eq. (2-17) will be

dVos
dT

= 3.5 X 10~3(Vgsz — Vas) (2-20)

= 3.5 X 10-3(AVp — Vog)

2-21
where ( )

AVe & Vpy — Vi, Vos & Vgs: — Vase
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Fig. 25 Gate-source voltage thermal drift for drain
currents about the zero-drift point.

As indicated, the drift is directly related to mismatch in pinchoff voltages
and gate-source voltages. KEach millivolt of Vgs or Vp difference at a
given current level results in 3.5 uV/°C of input offset voltage drift,
which is comparable to the 3.3 xV/°C experienced under similar con-
ditions with bipolar transistors. Differential drift dependence upon
Ipss mismatch and drain current unbalance is displayed, using Eq.
(2-18) to derive

dVos ( IDl ID2 )
=35X103{V '\/ -V .\’ 2-22
dT "1 N Ipgs: "2 Nlpgss ( )
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Whereas input offset voltage drift is directly related to Ve and Vgs
mismatches, the drift varies only as the differences of the square roots of
Ipss levels and drain currents. Considering Eq. (2-19), dependence
upon Ipz match is expressed by

dVos o ( ID1 ID2 )
—-2.2mV/°C ﬂ*—— - ,\'_4_ 2-23
dT mV/ Ipzs Ipzs (2-23)

A 1 percent mismatch in Ipz of the drain currents develops approximately
11 xV/°C input offset voltage drift. Alternatively, the drift can be
written in terms of the gate-source voltages at the zero-drift bias points.
From Eq. (2-20),

I

dVos
dT
AVgsz & Vaszr — Vasze

To achieve minimum input offset voltage drift with an FET differ-
ential stage, the FETs are biased at the zero-drift current Ipz and they
are selected for matched characteristics, By choosing a drain current
at the average zero-drift level for the type of FET used, the individual
gate-source voltage drifts will be minimized. The resulting low Vgs
drifts are more nearly equal than would occur for larger individual drifts
at bias points away from the zero temperature coefficient point. Lower
differences in gate-source voltage  drifts or lower input voltage drift
result for stages biased as close as possible to Ipz. Examination of
drift equation (2-22) indicates that input offset voltage drift in a stage
having balanced drain currents is nulled by matching Ipgs levels and
pinchoff voltages. Under these conditions equal gate-source voltages
are predicted by Eq. (2-10), and the Ipz levels described by Eq. (2-15)
would be equal. However, variables not accounted for in these basic
describing relationships also contribute to differences in gate-source
voltage drift. As a result, increasing the temperature-matching accuracy
does not continue to improve input offset voltage drift at lower levels,
and matching at several temperatures is frequently performed. Typical
input offset voltage drifts achieved are around 30 uV/°C, almost an order
of magnitude higher than commonly attained with bipolar transistors.

To achieve lower input offset voltage drift with FET differential
stages, drain currents are unbalanced to create additional drift which
compensates that of the FETs and any other circuit unbalance. Drift
equation (2-23) is rewritten to consider only the drain current unbalance,
giving the drift compensation expression

= 3.5 X 10~3(AVgsz — Vos) (2-24)

(dVos) _ _s2mV/C Vo — VI, (2.25)
dT c \/IDZ
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Using this expression, the input offset voltage drift corresponding to a
range of drain current ratios is plotted in Fig. 2.6. Comparison of this
curve with the analogous curve for bipolar transistor stages in Fig. 2.2
reveals that input offset voltage drift of the FET differential stage is
more than an order of magnitude more sensitive to current unbalance.
A 1 percent drain current unbalance creates an 11 xV/°C drift, whereas a
collector current unbalance of 14 percent is required to develop the
same drift. As a result, unbalanced current loading at the stage outputs

1.05

1.03 /

1.0
/

1.0 =] -

1 5 10 50 100 dVos
_(T)C(UV/OC)

e with 1o, +1p,%21p;

(ﬂ/—"i)c = —2.2mV/°C (_—_m\}i:’/%_z )

Fig. 2.6 Input offset voltage drift resulting from current unbalance in an FET
differential stage.
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will be far more serious to the FET stage. Since drain current unbalances
of less than 5 percent are adequate for compensating typical drifts, an
approximation to the drift compensation equation can be made. For
FETs biased at their zero-drift point

Ipy + Ip: = 2Ipz
and for
Alp = Ip; — Ipe
AID AID

ID1=IDZ+"‘2—" ID2=IDZ__2—.'

Combined with compensation equation (2-25), these terms give

dVos \/ Alp \/ Alp )
= —22mV/° 1 —All —
( T )C mV/*C ( t oo DT,
Small unbalances defined for Alp < Ip; =~ Ipz permit use of the approx-
imation

X
l—x=1—=
V1—x 5

Then

dv AL '
( OS) = —1.1 mV/°C —D for AID < IDz ID1 [l ID2 o~ IDz
dT le} IDz .
(2-26)

Also, since Alp < Ip, for small unbalances, Ipz = Ip,, transforming the
last result to

dVos . ° IDl
( T )c = —1.1mV/°C (IDZ — 1) for Alp < Ipgz
IDl ~ ID2 ~ IDZ (2-27)

In this expression the drift as a function of the drain current ratio
approximates the curve of Fig. 2.6.

To vary the drain current balance for input offset voltage drift com-
pensation a variable drain resistor such as Rp; in Fig. 2.7 may be used.
Analogous to the bipolar transistor stage controls, the changing drain
resistance affects both input offset voltage and its drift, whereas the source
resistance balance control R; affects only the offset. With the input off-
set, voltage between the inputs as shown, the de differential output is zero,
resulting in equal voltages on the drain resistors, or

ID IRDI = ID2:RaD2
IDI RD2

ID2 - R«Dl
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Fig. 2.7 FET differential stage with input offset voltage
control R; and drift control Rp;.

A drain current ratio controlled by the above drain resistor ratio provides
a new compensation equation from Eq. (2-27) given by

dVos o [Rp2
< aT )C = —1.1 mV/ C (ﬁ—); - 1) for AID < IDZ

Ipy ~Ips >~ Ipz

Unbalanced currents in the FET's increase the input offset voltage, which
is nulled by unbalancing the source resistances. The resulting total input
offset voltage is

VOS = VGSI - VGSZ + IS]. (RSI + 1 ) - ISZ (RSZ + 1 )
Zis1 Ets2
where Vggi and Vgge result for equal currents. Because of the high
sensitivity of FET differential-stage input offset voltage drift to drain
current unbalance, drain resistor adjustment is a poor choice for an input
offset voltage trim.

2.3 Input Bias Currents, Offset
Current, and Drifts

Currents in the inputs of a differential stage result from the base bias
currents of bipolar transistors or from the gate leakage currents of FETs.
For de-coupled amplifiers these input currents must be supplied by the
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signal source except for that portion which might be supplied by addi-
tional biasing circuits. Such current supply circuits can provide approx-
imately the input current required; however, the base or gate current is
independently set by device characteristics and other stage biasing. As
a result, de-coupled differential stages will always draw some input bias
currents from the signal sources, thus developing voltage drops on the
signal source resistances. If the signal source resistances presented to
the two inputs are not equal, a differential error voltage is developed
between the inputs. Similarly, unequal bias currents creating an input
offset current produce a differential input error voltage even when source
resistances are identical. Each of the input error currents has a thermal
drift giving rise to temperature-sensitive input error voltages and making
error compensation difficult. Because of the very low gate leakage
current of FETs, FET differential stages typically provide a factor of
1,000 lower error voltages on signal source resistances than do comparable
bipolar transistor stages.

Since the input bias currents are the base currents in a bipolar transistor
differential stage, the currents and their temperature sensitivities result
from transistor beta characteristics. The input bias current is related by

I
Iy = —g (2-28)
and its drift may be expressed in terms of this bias current and the frac-
tional beta drift.
dIs 1 dﬂ)
ar <B a7 Is (2-29)

The temperature dependence of beta is due to changing minority carrier
lifetime in the base region,® and the temperature coefficient averages
about 0.5%/°C for typical silicon transistors above 25°C and 1.5%/°C
below 25°C. Input bias current drift is then approximated by

dIs = —0.005/°C, T > 25°C
daT —0.015/°C, T < 25°C

Comparing these approximations with a typical bias current temperature
dependence, Fig. 2.8 shows the actual and approximate curves of input
bias current versus temperature. Deviations from the typical curve
shown result from variations in doping characteristics and from leakage
currents. In the case of low-current stages the collector-base leakage
current produces noticeable additional reduction of input bias current at
high temperatures. Typical small-signal silicon transistors under 10 V
of collector-base bias have an additional decrease in input bias current
reaching about 30 nA at 125°C because of this leakage.

= CIg(25°C) I C— (2-30)
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Fig. 2.8 Typical temperature
dependence of input bias current
for a bipolar transistor dif-
ferential stage.
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Input offset current of a bipolar transistor differential stage having
balanced collector currents results from mismatehed transistor betas, and
its drift results from inexact thermal tracking of the resulting unequal
input bias currents. As defined,

IOS = IB1 - IB2 = AIB (2—31)

where I, and Ig. are the bias currents at the two inputs. Expressing
input offset current in terms of beta, the bias current of Eq. (2-28) is
combined with the preceding relationship to obtain

— Byl
Tos = @2_61;:_1)2 for Ic:r = Ica = Ic
This expression may be simplified using a beta average to get
B1 =B — AB/2
and B8 = B + AB/2, where AB = B8, — B1. Using these relationships,
AB
= ———]
IOS 62 _ Aﬁ2/4 C

Considering a small mismatch and relating Ios to I,

Tos = %’6 Is for AB K 8 (2-32)

From this result the beta match required to ensure a given offset current
level can be seen. Drift of the input offset current is described by using
the derivative of the offset current definition in Eq. (2-31) with the bias
current drift expressed in Eq. (2-29) to get

dIoS_(_l_(_i_‘(_gl)I _(1_%3)1
dT ~ \gydr/ ™ 8, dT/)
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Fig. 2.9 Darlington differential
stage.

V.o

Two factors creating the above drift are unequal input bias currents and
unequal beta temperature coefficients. For transistors of the same type
with only small beta differences, the beta temperature coefficients will be
very nearly equal as expressed by

1 dg: | 1d.32_liﬁ

By dT B, dT  BdT

Essentially all the input offset current drift will then be due to mput bias
current mismatch, and the drift expression simplifies to

dlos . (148
=G dT) Tos (233)

From the previous discussion of the temperature coefficient of beta as
used for Eq. (2-30), this drift expression can be approximated by

dlos | C = —0.005/°C, T > 25°C
aT C = —0.015/°C, T < 25°C

As indicated, low input offset current drift results for low initial offset
current. A beta match to within 5 percent provides input offset current
and drift which are one-twentieth of the input bias current and drift, as-
indicated by comparing the last result and the offset current expression
of Eq. (2-32) with the corresponding input bias current relationship
of Eq. (2-30).

Reduction of the input currents and their drifts is achieved with the
Darlington differential stage of Fig. 2.9. Input bias currents are reduced
by the current gain of the added transistors to

= Clos (25°C) { (2-34)




Input Error Signals and Thermal Drifts of a Differential Stage 71

Since input offset current is related to the product of the beta mismatches,
it is not reduced as greatly as the input bias currents. Applying the
combined beta of a Darlington pair to the previous offset current expres-
sion, Eq. (2-32) results in an offset current expression given by

A(ﬂaﬂb) I
Baﬂb

Similarly, thermal drift of the added current gain limits input bias current
drift reduction as expressed by the derivative of the preceding expression

for Ig as
fik__(ldﬁurl%)l
drT 8.dT ' 8,dT /) ®

IOS = B

The two betas will be unequal because of highly different collector current

levels, but the fractional changes or temperature coefficients of the current

gains will be nearly equal as expressed by
1dg. . 1dBs

1dg
B.dT B, dT  gdT

The input bias current drift is, then,
1 dg .
— = -2 3 dT I for the Darlington stage

As expressed above, the temperature coefficient of the input bias current
for a Darlington differential stage is twice that of the conventional stage
described by Eq. (2-29). Applying this result to the drift approximation
of Eq. (2-30) results in

dIs [ C = —0.005/°C, T > 25°C

ar =~ 20l C = —0.015/°C, T < 25°C

The input offset current drift of the conventional stage given in Eq. (2-33)
is the product of the beta temperature coefficient and the input offset
current. The corresponding drift of the Darlington stage will be the
product of the compound beta temperature coefficient and the new offset
current. From the above bias current drift result, the compound beta
temperature coefficient is twice that of the single beta, giving

dlos . _, (1 dg

dT 8 dT) Tos = 2CTos

Frequently the input offset current drift of the Darlington stage is worse
than predicted above. Greater drift results from the difficulty of match-
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ing betas of the added transistor which carry only the base currents of the
original transistors. As the base currents of the original transistors vary
with temperature, a beta match in the added transistors is needed over a
wide range of collector currents. Such a match is more difficult to
achieve. In addition, Vgg thermal tracking under these conditions is
less aecurate. With a reduction in input bias current 8,:1 and a 2:1
increase in the effective beta temperature coefficient, the Darlington stage
typically reduces input bias current drift by a factor of 0.56,:1. Com-
pound beta matching errors limit reduction of input offset current to
about a factor of 0.98,:1 whereas the temperature-dependent collector
current and added beta temperature coefficient reduce improvement in
the related current drift to around 0.38,:1.

Accompanying these improved input current characteristics is about a
factor of 3 increase in input offset voltage and drift from the added pair of
emitter-base junctions and their varying currents. Input offset voltage
is greater because of the Vpr mismatch of the added transistors and their
unequal currents as created by the beta mismatch of the high-current
transistors. Sensitivity of Vgg to current level is expressed in Eq. (2-3)
which can be applied to predict the offset voltage resulting from the beta
difference. In this case

KT, Leat

AVgg, = -21— In for Isa: = Isa2

Ea2

Since the low-current transistors are biased by the high-current transistor
base currents, Is, = Ic/Bs, and

AVBE& = K—Tln @
q Bb1

A 5 percent beta unbalance creates an added 1.5-mV input offset voltage
at room temperature, where KT /q = 25 mV. Input offset voltage drift
resulting from the associated current unbalance would be 5 xV/°C, from
the curve of Fig. 2.2. Similar increases in offset and drift result just
from the normal mismatch and drift of the added transistors.

Input bias and offset currents of bipolar transistor stages are frequently
reduced by compensating circuits which supply canceling input currents.
Compensation resistors R; and R, of Fig. 2.10a supply currents opposing
the transistor base currents. By selecting these resistors for a given
stage, a factor of 10reduction in input currents is readily achieved. How-
ever, the compensating currents are sensitive to power supply variations
and input signals and provide compensation at only one temperature.
Added input bias current sensitivity to signals reflects decreased input
‘resistance, which is typically only significant for the high common-mode
input resistance. Both the input currents and their thermal drifts are
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decreased by using the compensation circuitry shown in Fig. 2.10b, for
which the base currents of compensation transistors Qs and Q4 are sup-
plied to the inputs as indicated. Since the compensation transistors are
the opposite of the amplifier transistors in conductivity type, the base cur-
rents of the amplifier and compensation transistors are of opposite polarity
and tend to cancel. Compensation is provided by matching the collector
currents and betas of the compensation transistors to those of the amplifier

V+O;

(a)

21

(b)

Fig. 210 Input bias current compensation using (a) resistors and (b)
transistors of opposite conductivity type.
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transistors. However, matching of opposite-type transistorsfor a range of
temperatures is difficult. Beta matching within 10 percent and tempera-~
ture tracking within 20 percent provide a 10:1 reduction in input bias
current and a factor of 5 decrease in thermal drift.

Even greater reductions in the input bias currents and their drifts
have been achieved by deriving a compensating current from the actual
characteristics which generate the bias currents. Such compensating
currents are supplied by the two techniques of Fig. 2.11. In Fig. 2.11a¢

(a)

)

(b)

Fig. 211 Input bias current compensation using (a) a derived voltage bias
(Pearlman, U.S. Patent 3,230,468) and (b) a derived compensation current
(Graeme, U.S. Patent 3,551,832).
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the resistor compensation approach is refined by deriving the resistor
bias voltage Vs from a base current matched to the input bias current.
For a base current in Q; which matches those of Q; and Q., the three
transistors are biased with equal collector currents and their betas
are matched. Then the resistor bias voltage will be

| Vs = InsRs + Virs
where
IB3 = IBl = IB2

This voltage is supplied to the two compensation resistors as expressed by

Vs = ILiRg + Ver1
= I,Rg + Vgre

If the emitter-base voltages of the three transistors are then matched,
the last three expressions define the compensation currents as

Il=I2 =IB3

Since Ip3; matches the input bias currents Ipy and I, they will be matched
by the compensation currents. In this way an order of magnitude
reduction in input bias currents and drifts is readily achieved. However,
differential input resistance is somewhat shunted by the compensation
resistors.

The compensation technique of Fig. 2.11b7 provides feedback control
to the compensation circuit of Fig. 2.10b and eliminates its difficult
matching requirement. As will be seen, the feedback control avoids
the need for beta matching between transistors of opposite conductivity
type. The use of transistors rather than high value resistors for bias
current compensation makes this approach more suitable for monolithic
fabrication. On the left side of the stage the feedback begins with
Qs which conduets the same current as does Q;. If the betas of these two
n-p-n transistors are matched, their base currents will be nearly equal as
expressed by

As shown, Ip; biases Qs establishing a collector current which is the
emitter current of Q. Since Qs and Q7 carry the same current, beta
matching of these p-n-p’s will also establish approximately equal base
currents which are related by

Bs
Br+1

IB7 = IB5
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where Ips = Ig;. Then, from the expressions above for Ip; and Igy,
the input bias current and the compensation current are related by

_ B1Bs
Bs + 1)(B1+ 1)
IB7 = IBl R for ﬂs >1 ﬂ7 >1 Bl = 63 and 65 = 67

IB7

IBl

The latter beta matching and magnitude requirements are readily
achieved to provide an order of magnitude reduction in the input bias
currents and their drifts.

Three to five orders of magnitude reduction in input bias and offset
currents is achieved with junction FETs as compared with bipolar
transistor stages biased at similar current levels. Input current drifts
are also reduced; however, less improvement is attained because of the
greater temperature sensitivity of gate leakage current as compared with
that of beta. Nevertheless, a factor of at least 100 reduction in drift
magnitude is typical over the widest operating temperature range.
For high source resistance applications, the FET stage will produce
less total de¢ input error than the bipolar -transistor stage in spite of
the higher input offset voltage and drift associated with FETs. By
greatly lowering bipolar transistor collector currents, input currents
comparable to those of FETs at high temperature can be provided,
but the ability of the stage to supply current and thereby its slewing rate
decrease proportionally with the collector current.

Superior input current characteristics of the junction FET result
from gate currents composed of the low reverse leakage current of a
junction. Input bias current of the FET stage is this leakage current,
which may be related to the commonly specified gate leakage current
Igss, tested with source shorted to drain under a reverse bias Vgss.
As described. in Sec. 1.4, the gate leakage of silicon FETs does not
correspond to the junction equation expressing

I = Ig(eaV/ET — 1)
I=1Is under reverse bias

Reverse leakage current included in this equation as Ig is that due to
thermal generation of carriers in the charge neutral regions and does
not include that generated in the space charge layer.! For silicon
junctions the reverse-biasing voltage makes the latter leakage component
far greater than Is. Since it is thermally generated leakage current
from the space charge layer of the reversed-biased junction, the gate
leakage current is proportional to the volume of the layer. This was
considered proportional to the square root of the reverse voltage in
Eq. (1-45). Under normal operation the entire gate-channel junction
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is not under as great a reverse bias as the Igss test voltage since Vgs,
and generally Vgp, will be less than the test voltage Vgsr. From drain
to source the reverse-biasing voltage across the junction will vary
from Vgp to Vgs in a linear manner for uniform channel doping. Although
common planar-diffused FETs have uniform doping in directions parallel
to the junction, the doping profile into the channel is graded, making
the linear variation of reverse bias only a first-order approximation.
A linear variation permits the effective reverse bias to be approximated
by the average of Vgp and Vgs for space-charge-layer volume considera-
tions. Gate leakage current as related to Igss will be proportional to
the square root of the ratio of this average voltage to Vgsr. When the
average reaches the test voltage Vgsr, the leakage current will become
Igss. From these conditions, the relationship of gate leakage current
or input bias current to Igss is approximated by

VGD + VGS
2VGST
Ioss = 1I0pA @ Vgsr = 30 Vand T = 25°C (2-35)
Is Z5pA @ 25°C

Iy = Is = Iass

For only small differences in voltages on the two FETs of a stage the
input offset current will be essentially due to Igss mismateh expressed by

A% v
Ios = Alg = Algss \/M (2-36)
2Vgsr

The temperature sensitivity of FET differential-stage bias currents is
far lower than that predicted from leakage current characteristics
governing Is. Equation (2-4) defined the temperature coefficient of
Is as

1dls 3 Eg
Is dT

T ' KT

which makes the familiar prediction that junction reverse leakage
current will double for every 10° temperature increase with germanium
or for every 6°C increase with silicon. However, the rate of generation
of carriers in the space charge layer is much less temperature-sensitive
than that in the neutral regions,! making the dominant gate leakage
current in silicon more stable. In practice, input bias currents of
differential stages using silicon FETs very nearly double every 10°C
rather than every 6°C. This characteristic is expressed by

Ig(T) = Ip(Ty)20-T0/0 (2-37)
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100+ 1g(25°)=5pA Fig. 212 Typical input bias

current temperature depen-
dence for an FET differential
stage. (Empirical result from
Burr-Brown Model 3307/12C.)
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Leakage currents associated with the FET packages add to the thermally
generated leakage, preventing significant low temperature reduction of
input bias currents. At room temperature roughly one-third of the
input currents are package leakage currents, resulting in a temperature
dependence as displayed in Fig. 2.12. Note that the 1,000:1 increase
in gate leakage current from room temperature to 125°C develops about
an 800:1 increase in input bias current.

2.4 Equivalent Input Noise Voltage
and Currents

Input offset voltage, input currents, and their drifts constitute de input
error signals, whereas equivalent input noise voltage and currents repre-
sent ac Input error signals in a differential stage. The noise generated
within a differential stage places a limit on the signas sensitivity of the
circuit since any amplified signal must be of sufficient magnitude to be
detectable over the inherent noise level of the amplifier. To some extent
differential stages can be designed with improved noise performance by
selection of components and attention to biasing current levels. Source
resistances will also significantly affect overall noise performance as noise
currents from the inputs flow in these resistances. Ideally, in a signal
amplifying device, the signal enters the device undisturbed by noise, and
the limit placed upon the sensitivity of the amplifier is set by the noise it
introduces itself. The noise associated with a differential amplifier stage,
as is the case with all amplifying devices, is the result of three noise
phenomena: Schottky or shot noise; Johnson or thermal noise; and
flicker or 1/f noise. Shot noise is due to the discrete particle nature of
current carriers in semiconductors. Although a current of average value
Ipc may be flowing, the random arrival times of the charges generates a
nondeterministic time-varying noise current® i,. Associated with this
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current is a spectral density S;(f) defining the mean-square noise current
as

i:é' _ /;1f1+Af Sl(f) df

The spectral density of shot noise is constant from zero frequency to
frequencies of the order of the inverse of the charge transit time, which
may extend into the infrared region. For semiconductors the density is

Sl(f) = 2qIDC

where q is the charge of an electron, 1.6 X 107! coulombs. Applying
this constant spectral density to the preceding expression defines the
mean-square shot noise current in semiconductors as

in? = 2qlpc Af (2-38)

where Af is the system bandwidth. In addition to shot noise, a semi-
conductor generally exhibits additional noise at low frequencies. The
origin of this excess noise in general is not well understood; however, the
power spectral density of the noise exhibits an 1/f behavior and is tradi-
tionally called flicker noise. Although its noise generating mechanisms
are in question, the power spectral density may be measured and the
device characterized experimentally.

Thermal or resistance noise is caused by the random motion of charges
which is independent of their mean or average motion. For an ohmic
resistance at thermal equilibrium the thermal noise has an associated
constant spectral density which is expressed for mean-square voltage
noise by

S,(f) = 4KTR

where K is Boltzmann’s constant, 1.38 X 1023 joules/°K, and T is tem-
perature in degrees Kelvin, °C + 273. Integration of the spectral
density over the system bandwidth as before results in a mean-square
thermal noise voltage of a resistor of

ea? = 4KTR Af (2-39)

where R is the ohmic resistance. Asillustrated in Fig. 2.13a, the thermal
noise source can be represented schematically as a voltage generator in
series with a noise-free resistance or the equivalent noise current generator
in parallel with the resistance. Forming a Norton equivalent circuit of
the noise voltage representation, the mean-square thermal noise current
of the resistor will be

|
™

1,2 =

o2 4KT Af
R

(2-40)

3
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Noisy Noise free
resistance

resistance enp /

e2:4KTRAf
(a) (b)

Fig. 213 Equivalent noise representations of (a) a resistor and (b) a bipolar
transistor.

In considering the overall noise behavior of an amplifier, many noise
sources, both internal and external to the amplifier, must be taken into
account. An important result from noise theory states that a set of
mean-square noise voltages or currents may be added to obtain the
cumulative mean-square value, provided the noise sources are uncorre-
lated. In characterizing an amplifier it is therefore convenient to sepa-
rate the noise sources as statistically independent and therefore uncorre-
lated noise generators.

In the preceding analyses a system passing only frequencies from
fi to f; + Af has been considered. Since practical systems do not have
infinite response selectivity, other frequencies are transmitted at varying
gains described by the transfer function of the system. For an input
noise voltage having spectral density Svi(f) applied to a network having a
transfer function H(jw) the output mean-square noise voltage will be

eno? = ﬁ)” SvilH (jo)|? df

and for Syi the constant spectral density associated with shot or thermal
noise

ene® = Sui [, [H(jo)[? df

For a single resistor-capacitor low-pass filter the output noise would be as
described below.
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This specific case is particularly useful in amplifier noise considerations
since the response of an amplifier stage is commonly a single-pole response.

Associated with the average currents in a bipolar transistor are shot
noise sources described by the defining relationship, Eq. (2-38). Repre-
sented in the pi transistor model in Fig. 2.13b, the noise currents are
modeled by uncorrelated noise sources related to the collector and base
currents by?

iw? = 2qIp Af (2-41)
ine? = 2qlc Af (2-42)

In these expressions leakage currents are neglected as they are commonly
small in comparison with the biasing currents. Also represented in the
circuit model is a noise voltage source accounting for the thermal noise of
the base spreading resistance r;. From the thermal noise relationship of
Eq. (2-39), the mean-square thermal noise voltage generated in the base is

ens? = 4KTr] Af (2-43)

Applying this model to the basic differential stage leads to the result in
Fig. 2.14 which can be used to develop equivalent noise sources at the
stage inputs. Identical characteristics are assumed for the two transis-
tors as shown since typical unbalances will result in only minor noise
differences. Output resistance Ry is omitted in the complete diagram,
as is valid for the general case with Rc < r.(1 — ) from Chapter 1.
Noise generators i, and e, represent the thermal noise characteristics of
Rc and R, respectively.

By reflecting each noise source to the stage input as an equivalent noise
generator it is possible to simplify the noise representation to one noise
voltage and one noise current at each input. Being directly at the inputs,
these net equivalent noise generators can be compared with the input
signals in describing errors due to noise. Since the collector current shot
noise and the collector resistor thermal noise current both flow through
the collector resistor, it is of interest to compare their mean-square
magnitudes to observe which noise component is predominant. The
ratio is

1ne? B 2qlc Af B IcRc
:  4KT Af/Rc  2KT/q

lnrc

At room temperature KT/q is near 25 mV; the collector resistor drop
IcRc is commonly 2.5 V, and

2

= 500

X

lnrc
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Fig. 2.14 Noise model for a bipolar transistor differential stage.
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Being much smaller than the shot noise current in., the thermal noise cur-
rent of the collector resistance results in negligible noise on the resistor
and can be omitted. For a balanced differential stage the noise current
associated with the common-mode biasing current Igy divides equally
between the two sides of the stage to develop equal noise signals on the
collector resistors. No differential output noise then results from this
noise source, unless the small resulting base noise' currents flow in very
high source resistances. For the general case, noise generated with Icy
is neglected.

To replace the collector noise current generators with equivalent input
noise generators the circuit is separated at the junction of the emitter
resistors. If the high resistance of the common-mode current source Icy
is neglected, the equivalent resistance presented by the differential stage
to the emitter of the left side of the stage is the output resistance of an
emitter follower formed by the right side of the stage. The equivalent
resistance is

RG + I‘{,
R, + ———>
&)
where
Re = RE + Te

Replacing the remainder of the stage by this resistance results in the
equivalent circuit of Fig. 2.15a for which the circuit has been redrawn to
combine the resistances in series with the emitter of the left side. Only
the collector current shot noise generator is considered in the circuit to
resolve its equivalent input noise voltage generator e,. as represented in
Fig. 2.15b. The equivalent input noise voltage is calculated by solving
for the output noise current it creates.

enc(26Re + R + 11)
2(BR. + 1, + Rq)
Ei,
2R. + R¢ + 11)/8

From these express1ons the input noise voltage equivalent to the collector
noise current is found to be

€ne = 2inc (R +

’
E;, =

lne =

I‘b + RG)
B

where
= 2qIC Af

Total equivalent input noise generators are found by combining the
various equivalent input components. The voltage noise representation
at the input includes the above e, the thermal noise e,, of the base
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Fig. 215 The equivalent circuit of a differential stage referred to one input with
(a) the collector current noise generator and (b) the equivalent input noise voltage
generator.

spreading resistance, and the reflected thermal noise of the emitter resis-
tor. The emitter resistance noise generator can be transferred directly
to the input as in either position it will produce the same emitter current.
Adding the mean-square noise voltages from the three sources results in
the equivalent input noise voltage on one side of the circuit:

enil2 = enc2 + -e—E + ene2
where ey, is defined from the preceding equation, and the thermal noises
of r, and R follow from the basic thermal noise equation (2-39) to give

- Y 2
om® = 8qlo Af (Re + f—iﬁi) + AT (R + 1) Af

Similarly, the right side of the circuit has an input noise representation,
and it is equal to the one given above for the balanced stage considered.
Addition of the two input noise generators results in the total equivalent
differential input noise of the stage, en;, which is

eni2 = enil2 + eni22

’ 2
eni = 2 \/2ch Af (Re + Ii%Rf) + 2KT(Re + ;) Af (2-44)
where
Re = RE + Te

Noise currents in the differential-stage inputs are the shot noise currents
associated with the base currents as represented in the stage model of
Fig. 2.14. From the base current noise expressed by Eq. (2-41), the
input noise currents are

init = inp1 = \/quBl Af (2-452)
iniz = lnpe = \/2(11132 Af (2-45b)
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In addition to flowing in the source resistances, the input noise currents
flow through the emitter resistors of Iig. 2.14. The effect of the base
current noise in the emitter resistors is small compared with that pro-
duced by the collector noise current since the two currents as defined in
Eqs. (2-41) and (2-42) are related by beta. As a result, the base current
generators may be returned to common instead of to the emitters. Also,
the noise voltage resulting from the base current noise in the small 1y, is
negligible in comparison with the preceding equivalent input noise volt-
age. Because of this, the base current noise generators can be returned
to the opposite side of r; which is the base terminal. Having reflected
all noise sources to the inputs of a differential stage, it may be represented
by a noise-free stage preceded by the equivalent input noise generators,
as is done in Fig. 2.16.

From the preceding expressions for equivalent input noise voltage and
currents, several observations can be made concerning the noise charac-
teristics of a bipolar transistor differential stage. First it is noted that
both the input noise voltage and the input noise currents are proportional
to the square root of the bandwidth considered. A second conclusion
is that input noise voltage is minimized by lowering collector current.
Also, low collector current and high beta result in small input shot noise

RG
. A%
Eii
- RG
A%
+
E.

e =2‘\/2q|cAf[Re+ (rl;ms)/p]z +2KT(R_ + r';) Af

init=\/24algy Af, ini2=7\/2qlg, Af

Fig. 216 Equivalent input noise representation of a bipolar transistor
differential stage.
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currents. The latter conditions are consistent with the requirements of
the previous section for maintaining low de¢ input currents and drifts.
Finally, excluding the thermal noise of the source resistances, the equiv-
alent input noise voltage has a slight dependence upon source resistances.

ing
G - OD

Vgs S 98 r

f_ gfsVQ i,,? é ds Fig. 2.17 Pi noise model for an
SO + FET.

In general, the latter portion of the total input noise is masked by that
developed by the source resistances with the input noise current. Repre-
sentative levels of input noise voltage and currents can be obtained by
considering a typical case. With

Ic = 25uA B8 =200 Rg = 1kQ
Re=500Q2 1 =500 Af = 1 kHz

the equivalent input noise voltage will be 0.3 ¢V rms and the input shot
noise currents will be 6.3 pA rms. Input noise voltage encountered in
practice with careful shielding is close to that predicted above. However,
the noise currents can be several times the predicted shot noise because of
flicker noise, particularly in the frequency range of de¢ to 1 kHz.

The representation of FET differential-stage noise sources by equiv-
alent input noise generators results from an analysis paralleling that for
the bipolar transistor case. “Noise sources within an FET are represented
in Fig. 2.17 by the gate and drain noise current generators.!'® Shot noise
associated with the gate leakage current results in the gate noise current
for which

ing? = 2qlg Af (2-46)

Since the gate-drain voltage is typically many times the gate-source
voltage, the leakage current is primarily gate to drain and the associated
noise generator is connected between the latter terminals. Within the
FET, channel noise is generated that is approximated by the thermal
noise of a resistor equal to 1/gs. In the model this noise is represented
by ina Which- will be

1na? = 4KTg, Af (2-47)

Sinee this output noise current model is of the same form as that in Fig.
2.13 used with the bipolar transistor noise analysis, the equivalent input
noise voltage of an FET stage can be drawn from that of the bipolar
transistor stage. ‘

By reflecting the drain noise current to the input as a voltage noise, the
equivalent input noise voltage is defined. Replacing one side of the stage
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by its source-follower output resistance, Rs + 1/gs, and combining this
with the model of the remaining side result in the equivalent circuit of
Fig. 2.18 for rgs > Rp and rgs 3> Rg.  The total noise current in the drain
is composed of the channel noise current i,, and the thermal noise current
inq of the drain resistor defined by

4KT Af
Rp

2 =

Ind

Solving for the input noise voltage which produces an equivalent total
drain noise current gives

J— 1 2
enin? = 16KT Af <gfs + i) (—" + Rs)
Rp Lis

Addition of this noise voltage to an equal component from the other side
of the stage results in the total equivalent input voltage noise in the form

eni = 4 (i + Rs) \/2KT Af (gfs + L) (2-48)
Lis RD

Input noise currents are the shot noise currents of the gate leakage

currents as described by
inil =V 2qI(}1 Af (2-49(1)
inis = V/2qlgs Af (2-49b)
Since the effects of these small noise currents in the drain resistor are

small compared with the thermal noise generated there, the input current
noise generators may be returned to common instead of to the drains.

gfsvgs
[ 2 (1 +gfs RS)
[E3
RG Vgs ) . RD
‘ _ 'nc 'nd
1 '
= (a)
Fig.2.18 The equivalent circuit
+ of an FET differential stage
Rs | ? v referred to one input with (a)
v 9ts'gs R channel and drain resistor noise
s 2 (1+g R ) ®  current generators and (b) the
Enit t fs''s equivalent input noise voltage
—d generator.

(b)
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Re
+ VA
£y
- RG
vV
+

€= 4 (1/g,s+ Rs) [2KTAf (g,s+ 1/RD)

inis=\/2016,1A%, iniz =201, A1

Fig.2.19 Equivalent input noise representation of an FET differential stage.

With all noise sources reflected to the inputs, the noise characteristics of
the FET differential stage are represented in Fig. 2.19.

From the expressions for input noise voltage and currents the conditions
for low-noise FET differential stages can be interpreted. Once again
noise component, is proportional to the square root of the bandwidth con-
sidered. This is the case for any noise whose mean-square value has
constant spectral density, as do shot noise and thermal noise. It is also
noted that low input leakage currents in the FETs corresponds to low
input noise currents. Finally it can be seen that high FET transcon-
ductance tends to lower equivalent input noise voltage. To calculate
some representative noise levels a typical stage is considered having

gs = 1000 umhos Rp = 10 k@ Rs = 100 ©
Af = 1kHz Is = 10 pA

The equivalent input noise voltage resulting is 0.42 4V rms, and the input
noise currents are 0.056 pA rms. In general, the input noise currents
produce negligible noise voltages on the source resistances as compared
with the thermal noise of the resistances. However, the noise voltage is
greatly increased by 1/f noise and will typically be 1.0 xV rms under the
above conditions for the bandwidth from de to 1 kHz.
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THE STAGES OF
AN OPERATIONAL AMPLIFIER

The individual stages used in operational amplifiers are separately chosen
to develop different amplifier characteristics. Those amplifier character-
istics which are determined by a given stage depend on whether it func-
tions as an input stage, intermediate stage, or output stage. For exam-
ple, within the input stage many of the operational amplifier accuracy
limitations .are set, and the design of this stage is primarily directed
toward control of de and ac errors. In contrast to this, the intermediate
stages provide additional voltage and current gain in the amplifier with
less effect upon accuracy. From the results of the preceding chapters the
performance characteristics of the differential stages used as input inter-
mediate stages can be described. For the single-ended intermediate
stages similar results will be developed in this chapter. Also to be
described are the characteristics of output stages which serve to isolate
the amplifier from loading effects and to supply output current. Output
current limiting techniques which limit transistor dissipation are then
discussed for the typical output stage. The ways in which the various
stages interact to determine overall amplifier performance will be covered
in Chapter 4.
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3.1 Input Stages

Characteristics of the differential input stage of an operational amplifier
are the most critical factors which affect the accuracy of an operational
amplifier in providing voltage gain. Errors effects of following stages are
reduced in significance by the gain isolation provided by the first stage, as
will be analyzed in the next chapter. Design of the input stage is directed
by the requirements placed on the operational amplifier characteristics by
accuracy needed within the intended applications of the amplifier. Since
it is a differential stage, the characteristies of an input stage are described
by the results of the preceding chapters. Design decisions for the stage
are made by relating these previous results to amplifier performance
requirements, using the design procedure in Sec. 1.5. Both dc and ac
performances are considered in the design process. To achieve accurate
dc performance at high voltage gain, a large input resistance, and a high
common-mode rejection are needed in an input stage which has low de
input error signals. The input error voltages and related drifts from the
input offset voltage, input bias currents, and input offset current of the
. first stage are directly added to the input signal. Any high resistance or
capacitance connected to the amplifier inputs in high gain or integrating
applications makes de¢ precision highly sensitive to the input currents of
this stage. Common-mode rejection must be preserved in the input stage
since common-mode error voltages once added to the amplified signal
output cannot be separated. Overall common-mode rejection of an
operational amplifier will be no greater than that of the input stage. In
addition to providing gain accuracy under feedback, high stage gain
provides a large output signal which is less sensitive to the dc errors and
common-mode errors of the following stages. Input resistance of the first
stage determines the loading error resulting from the source or feedback
resistances connected to the amplifier.

Accurate ac performance of an operational amplifier depends largely
upon the noise, bandwidth, and slewing rate of the input stage, in addi-
tion to the gain, input impedance, and common-mode rejection as
discussed above. Since it adds error to the signal prior to any amplifica-
tion, input noise of the first stage creates the greatest percentage error
of the amplifier noise sources. The bandwidth of the input stage is
frequently a principal limiting factor to overall amplifier bandwidth
when high gain and low current levels are established in this stage.
For low input bias currents in bipolar transistor stages, as desired for
de accuracy, low first-stage collector currents are chosen. Associated
amplifier bandwidth restrictions limit high frequency gain and the
accuracy provided by feedback. As will be covered in Chapter 5, the
phase compensation capacitance providing amplifier frequency stability
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is commonly connected as a load to the narrowband input stage. With
this choice the response pole frequency reduced by phase compensation
will be about the lowest, and the greatest overall amplifier bandwidth
will result. This capacitance load slows the rate of change of the
output voltage or slewing rate to that limit imposed by the current
available to charge the capacitance. In Sec. 1.5 the available current
was identified as the total stage current, 2Ic or 2Ip, since the stage will
unbalance to supply the load. The slewing rate of the phase-compensated
stage will be
dec _ 2Ic _ 2ID

¢ ¢

where ec is the voltage on capacitance C. Large signal response is
commonly restricted in frequency by the rate limiting of the phase-
compensated first stage. Approaching this frequency limit, large signals
are distorted, developing a second type of ac response error.

Bipolar transistors or FETs are used in the input stage, as represented
by the typical circuits of Fig. 3.1, with the choice between the two transis-
tor types being primarily determined by external circuit impedance
levels. As shown and as analyzed in Sec. 1.5, a transistor current
source is generally used to bias input stages for common-mode rejection
improvement over that resulting with resistor bias. Input offset voltage
balance controls at the first-stage emitter or source resistors provides
offset control without the bias disturbance resulting from offset adjust-
ment at other points in the amplifier. When compensating for amplified
input offset voltage at a later stage, large bias unbalances may be required.
Any such bias change results in additional input offset voltage and drift.
Selection of the indicated resistors and bias levels is made as outlined
in Sec. 1.5. The common-mode voltage swing limits of the input stage
are essentially the only restrictions to the common-mode voltage range
of the amplifier since the very low common-mode gain of the first stage
results in a small common-mode signal applied to the following stage.
Bipolar transistors are commonly used in the input when signal source
or feedback resistance of 50 k2 or less are to be used with the operational
amplifier. Because of higher tranconductance in bipolar transistors,
1/r. as compared with gi of FETs, higher gain is commonly achieved
with bipolar input stages. Above 50 kQ resistance levels, bipolar
transistor stage input bias currents, input offset current, and their
drifts typically result in total de input errors which are greater than
those of the higher input offset voltage and drift of an FET input dif-
ferential stage. Input currents of the FET stage, varying from about
5 pA to 4 nA over extreme temperature ranges, result in small de input
errors until a signal source resistance level much greater than 50 kQ
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Fig. 3.1 Typical input-stage circuits.

is reached. Generally, an FET input stage biased at its zero-drift
current level provides a slewing rate under phase compensation loading
that is many times that developed by bipolar stages at their lower current
levels.

In addition to the basic differential stages considered here, specialized
stages described in the preceding chapters are frequently used as input
stages. Cascode biasing, described in Sec. 1.5, is used to achieve improve-
ments in many of the outlined operational amplifier characteristics
affecting precision, including input capacitance, bandwidth, common-
mode rejection, and input leakage currents. Voltage gain required to
ensure accurate de and ac operation, as discussed, is made large in the
input stage, using the dynamic load circuit analyzed in the same section.
Input-stage voltage gain of the order of 1,000 is achieved with this
stage, providing high isolation from errors in following stages. Reduced
input bias currents to operational amplifiers having bipolar transistor
inputs is commonly attained by using resistors to supply current to
the first-stage bases as demonstrated in Sec. 2.3. Occasionally the
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Darlington-connected differential stage described in that section is also
employed to lower input currents, although input offset voltage and
drift are greatly increased.

Input protection circuitry, such as that shown with the bipolar transis-
tor differential stage of Fig. 3.1, is needed to prevent damage from large
differential input voltages. Without the protective clamp circuit shown,
such input signals would reverse-bias one of the transistor emitter-base
junctions and would reach an avalanche breakdown state for about
6-V reverse bias on common planar-diffused silicon transistors. In
this state high currents may be conducted through the input terminals,
dissipating significant power in the reverse-biased junction, unless the
current is limited. Large series base resistors will limit current to
prevent destruction of the transistor, but they also create a response
pole with the stage input capacitance and dec errors with the input
currents. Not only must current be limited to avoid destroying the
transistor but the effects of this reverse current upon beta and Vg
levels must be carefully noted. Both characteristics undergo permanent
shifts when stressed in this condition even well below the rated power
dissipation of the transistor. Matched transistor betas and emitter-
base voltages are unbalanced in this way, disturbing the input de error
and drift characteristics. To avoid any such parameter shifts the
protection circuit shown limits the differential voltage impressed upon
the transistors to the forward voltage drop of one of the protection diodes.
Series resistors needed to limit the diode current are small compared with
those discussed above since much larger current can be handled with
the 0.6-V diode drop than with the 6-V reverse breakdown. Small-
signal response of the input stage is not greatly affected by the protection
circuit in its OFF state until frequencies above a megahertz are reached.
Low reverse voltage on the protection diodes maximizes the diode
capacitances to about 3 pF and roughly triples differential input capaci-
tance at such high frequencies. Although input capacitance above 1 MHz
is of little importance in general-purpose operational amplifiers, response
of wideband types will be appreciably affected by the protection circuit.

In some applications it is undesirable to have large input currents
drawn by protection circuits under input overdrive such as those result-
ing with the above circuit. When a differential stage is used as a switch,
overdriven inputs are normal and serious loading of the signal source
may result from the above protection circuit action. As an alternative
protection method, diodes having high reverse breakdown voltage are
placed in series with the emitters of the stage in Fig. 3.2. Large input
voltages to this develop reverse emitter-base current that is limited to
the small leakage current of a protection diode. Significant current
will not flow unless the input signal exceeds the higher breakdown
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Y Fig. 3.2 Input protection rely-
*  ing upon breakdown voltages of
diodes.

voltage of the diode. However, if input protection is provided with
this approach, normal operation results in two additional forward junc-
tion voltage drops added in series with the input ecircuit. Mismatch
of the added diode drops adds input offset voltage and drift. Since
the added de errors are uncorrelated with those of the transistors, offset
and drift are not typically increased by as much as a factor of 2 but
rather by the square root of 2.

3.2 Intermediate Stages

The input stage of an operational amplifier, as described in the preceding
section, is designed to minimize ac and de errors of the overall amplifier by
controlling the error sources of this stage and by developing high gain
which reduces the effect of following-stage errors. As a result, the inter-
mediate-stage characteristics are less critical. The ways in which inter-
mediate-stage errors combine with those of the input stage will be con-
sidered in the next chapter, and only the characteristics of the separate
intermediate stages will be developed here. In the design of intermediate
stages the emphasis is placed on developing additional voltage gain, pro-
viding current gain from the first stage to the output stage, and shifting
the quiescent voltage level back to zero at the output. Added voltage
gain is of course needed from these stages to provide high overall amplifier
gain, and frequently the major portion of the total voltage gain is devel-
oped in the intermediate stages. Current gain in this part of the amplifier
provides high current to the output stage without heavy loading of the
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input stage by impedance transformation. To provide a 0-V quiescent
output level the de bias level must be shifted from that at the outputs of
the first stage by means of intermediate-stage biasing. In general, the
outputs of the first stage are biased well away from common to permit
large common-mode input voltage swings as described in Sec. 1.5.

Both differential and single-ended forms are used for intermediate
stages. Unless a differential output is desired from the completed ampli-
fier, it is common to employ single-ended stages for at least part of the
intermediate section. The choice between the two types of stages is
based primarily upon common-mode rejection requirements and the
dc loading of the stage. Common-mode rejection is developed by the
high differential signal gain and the low common-mode gain of a differ-
ential stage. When the transition is made to single-ended stages, com-
mon-mode rejection is limited to that developed by the preceding differ-
ential stages. However, continued addition of differential rather than
single-ended stages provides diminishing returns since other errors become
dominant. These latter errors are differential signals developed from
the common-mode signal by stage unbalances, as considered in Sec. 1.4,
and cannot be reduced by the common-mode rejection of added stages.
In addition to this consideration, the de loading effects of the two forms
must be evaluated. The dc bias and drifts of a single-ended stage are
compensated by a balancing transistor when a second transistor is added
to form a differential stage, as will be analyzed in Sec. 4.2. Once again
the overall improvement afforded by each successive differential stage is
diminishing since the de errors of each stage are reduced in effect by the
preceding gain. Typically only two moderate-gain differential stages
or one high-gain differential stage is used in an operational amplifier.

Widely used intermediate stages include bipolar or FET differential
stages, common-emitter or common-source amplifiers, emitter followers
or source followers, and a wide range of variations on these basic forms.
The characteristics of the differential stages are deseribed in the previous
chapters, and the single-ended stage characteristics will be outlined or
developed in the remainder of this section. Any of these forms can be
used to provide dc level shifting as indicated by the representative cases
in Fig. 3.3. Each of the loading stages in the figure translates the dc bias
level from the first-stage output level Eq; to a 0-V quiescent output.
For the differential stage the level shifting is provided by using transistors
which are opposite in conductivity type to those of the input stage. In
this way the voltage level difference is dropped on the collector-base
junctions of the intermediate stage. An analogous situation results for
the common-source stage. In the emitter-follower case, the de level is
shifted by a voltage divider. Since the voltage divider also reduces gain,
modifications of this approach are generally made, as will be considered.



The Stages of an Operational Amplifier 97

Common- Emitter
source follower

Differential
stage

Fig. 3.3 Basic level shifting techniques.

The basic follower circuits used for intermediate stages are represented
in Fig. 3.4, using bipolar transistors. Analogous circuits apply with
FETs. When the followers are used for impedance isolation without
level shifting, the same circuits are used with R = 0. As mentioned
earlier, level shifting with the voltage divider form reduces gain, and
the other two circuits shown are used to improve the divider imped-
ance ratio in limiting the gain loss. The impedance of the zener diode
shown will be small in comparison with the resistance levels normally
used for Ry, making the gain loss small. However, the noise introduced
by zener diodes in this application is often significant for operational
amplifiers. Alternatively the divider is modified by replacing Ry, with

Fig. 3.4 Intermediate-stage fol-
lower circuits.




98 DESIGN

the high impedance of a transistor current source, as shown for the third
circuit. To compensate for the bypassing of the current source output
resistance by its C. the capacitor Cg is added, bypassing Rg. The effect
of C. is analyzed in Sec. 1.5. ‘

Except for different divider impedances the three follower circuits
introduced above can be described by the same expressions. For analysis
the circuit model of Fig. 3.5 is used. The analysis results are simple
extensions of the basic emitter-follower characteristics and are given here
for reference. Low-frequency voltage gain is expressed by

Ry

- £ \ ©3-
Ao = R IR +Rog [ ReXr (-1)

Input resistance is found to be

_ I'c(R/e + RL)
Ri= R TR+ r.(l — o) (3-2)
where
Re = RE + Te
RI = ﬁ(Re + RL) fOI' Re + RL << re(l - a) (3'3)
Output resistance is
Ro = (R + )]]RL for Rg < 1, (3-4)

Assuming r. presents a negligible shunt to the output as modeled, the
input capacitance from the model equals the sum of C. and a fraction of
Ceb. This fraction equals the fraction of the voltage swing bypassed by
Ceb, and the input capacitance will be

C: = C, +R +RLCb forr. > R. + R (3-5)

Associated with Cy is a voltage gain response pole at the break frequency

Fig. 3.5 Emitter-follower stage.
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of Cy with the input and source resistances. Neglecting the second term
of the above expression for Cj, the response pole will be
f _ 1 - B(Re+RL)+RG
® 27I'(RI”RG)C[ QTﬁ(Re + RL)R(;CC

Paralleling the above emitter-follower analysis, the source-follower stage
of Fig. 3.6 provides analogous results. The low-frequency voltage gain is

for C; = C. (3-6)

A = gstL
°71 + g&(Rs + Ru)

for rgs > Re res > Rs + Ro
Tgs > Rs + RL (3-7)
Input resistance of the source follower is limited by packaging to around

102 @, and output resistance is expressed by

Ro = R
1 + gw(Rs + Ru)
Input capacitance is found to be
Ces
1 + gu(Rs + Ru)

for rgs > Re rgs > Rs + R (3-8)

CI = ng +

for res > Re Fos > Rs + Ry
Tgs > RS + RL (3‘9)

By neglecting the second term of the input capacitance expression and the
input resistance, the voltage gain response pole becomes

. 1
P 27RcCea

Performance characteristics of the remaining types of single-ended
intermediate stages, common-emitter and common-source, can be
extrapolated from the differential-stage results of Chapter 1. As dis-
cussed in Sec. 1.1, the differential stage is composed of two common-
emitter or common-source amplifiers which are effectively connected in
series for differential signal analysis. The individual single-ended stage

f for r,s > Rg Cy = ng (3-10)

"'Vgs_’
+ )—.l
A
E; P Cgs (Pg
[« ~

fs'gs W

Fig. 3.6 Source-follower stage.



100 ’ DESIGN

characteristics can be written from those of the differential stage in Secs.
1.1 and 1.2 by again considering the parallels drawn there. From this
procedure the common-emitter and common-source describing expressions
will be resolved in a form compatible with the differential-stage analysis
results. This uniformity eases the analysis of combined differential and
single-ended stages when a complete amplifier is considered, as in the next
chapter. The common-emitter-stage analysis model is shown in Fig. 3.7.
For this model the low-frequency voltage gain is

—aRer,

Ao = 3-11
° % RRo + 10 T RalRo + r(l — @] @10
where
R. =Rg +r. R.<Lr.(1 — )
Under typical collector loads, this becomes
—Re¢
Ap = ——————— f (1 — 3-12
° = R T RS or Re K 1.(1 — @) (3-12)
Common-emitter input resistance when load resistance is very large will be
RC + )
R = R, —— -1
AR R . (13)
When load resistance is at normal levels, the input resistance simplifies to
R: = B8R, for Re < r.(1 — ) (3-14)
The output resistances without load and with load Rc are
R. + Re/B
R =r. —R:—_l_—ﬁcr— for Rg K1, (3-15)
r.Rc(Re + Ra/B)
Ro = for <r 3-16
7 r(Re + Ra/B) + RaRo Re (-18)
'l
/ _Lcc
o j 3

Fig. 3.7 Common-emitter-stage analysis model.
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The input capacitance will be

Ze
Cli(l“‘ﬁ

e

Ro
c 2 = —————— -

Because of this capacitance the dominant response pole of the gain occurs
at approximately

. 1 R.+ Re/B
* " 2rRcC, R. + Re

In the same way the characteristics of the common-source stage can be
written in a compatible form from the expressions for an FET differential
stage. The resulting analysis model is that of Fig. 3.8. In this form the
stage has a low-frequency gain expressed by

f

(3-18)

Ay = —gstDI‘ds
® 7 Rp + res(1 + giRs)

Tor typical load resistance levels the gain simplifies to

for Igs > RG, —|' Rs (3-19)

AO - _gstD
1+ guRs

Input resistance is developed by the large reverse resistance of the gate
junction and is packaged-limited to around 10'2 Q. The unloaded output
resistance is described by

Ro = ras(1 + gisRs)  forrg > Re + Rs ras > Rs  (3-21)

Under typical load resistances the output resistance approximately equals
the load resistance.

Ro = Ro for rqs > Rop rgs > Rs (3-22)

RD
EO
Ro Rg
+

T+
+ , —t q E/
Rs Ei Ei R/\ fs =i , ,--\C
| c, ¥ 149, .ReS Ro gd Ro

: X

Fig. 3.8 Common-source-stage analysis model.

for Rp < rgs (3-20)

et
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The input capacitance is

W/
Cp = <1 + _g‘_L_> Caa

1 4+ gwuRs
where
Ro

2y = ——r 3-23
* 7 1+ joRoCua (8-25)

From this capacitance a gain response pole results at

1 1 <R

£, + gults (3-24)

= 21rRngd 1 + ngRG

In order to achieve higher gain a current source is frequently used in
place of a load resistor in intermediate stages. The high dynamic output
resistance of the current source acts as a high resistance load without
developing the large de bias voltage that would result with an equivalent
resistor. When such a load is used with a common-emitter stage, as
represented in Fig. 3.9, the higher voltage gain is accompanied by reduced
bandwidth and input resistance. As represented, identical biasing
resistances are connected to both transistors, and the same parameters
will be assumed for both transistors to simplify analysis. In this case the
load shown as Ri» represents the input resistance of the following stage.
The net load resistance presented to the common-emitter transistor is the
current source output resistance in parallel with Rr.. Using Eq. (3-16),
this load resistance can be expressed by substituting Ri. for Rc to get

— rc]E{H(:R'e + RG/ﬁ)
r{(R. + Ra/B) + RoRie

As a lower limit this load resistance approaches Ry, which is commonly far
greater than the normal collector resistor level would have been. The

Re

V4 O—s

Fig. 3.9 A common-emitter
amplifier using a current source
in place of a collector resistor.
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voltage gain resulting with this high load resistance must be found with
the more detailed gain expression of Eq. (3-11). However, this expression
can be somewhat simplified for this case to get
—Rer. 1
= for Ry < 1, Re K1, l—a=-
ReRc + r.(Re + Ra/B) N ¢ 8
By substituting the previous expression for Ry, in this result in place of
Rg, the low-frequency voltage gain of the common-emitter stage with a
dynamic load is found to be

Ao

. —Ri,
(Re + Ra/B) + 3R1Ra/Te
The high load resistance also affects the circuit input resistance, output

resistance, and bandwidth. Input resistance can be expressed from Eq.
(8-13), using the approximation

Ao

(3-25)

Te

Re ——
BRC + re

Replacing Rc in the last equation with the expression previously devel-
oped for Ry, the input resistance becomes

BRe
BR1:(Re + Ra/B) (3-26)
re(R. + Ra/B) + RiRe

Note, that Ry is significantly reduced from that expressed by Eq. (3-14)
as BR. for lower load resistances. The output resistance of the common-
emitter stage is greatly increased by the current source load. As pre-
sented to Ry, of the following stage, the output resistance will be the
parallel combination of the two transistor output resistances. For
identical transistor parameters and bias resistances, the stage output
resistance follows from Eq. (3-15) as

= ERe+RG/B
2 Re+RG

R =g for Rec < e

R =

1+

Ro for Re < 1o (3-27)
Also accompanying the higher gain is a reduced bandwidth which can be
described from a model of the stage. This model is drawn from the
common-emitter model of Fig. 3.7 and the output circuit representation
of Fig. 1.12. Using the latter representation the response effects of the
current source load are all represented in its output circuit where they
may be combined directly with the common-emitter output circuit
elements. For the single transistor of the current source, the output
capacitance is twice that shown in Fig. 1.12 for a differential stage, and
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the resulting model for the common-emitter stage with a dynamic
load appears in Fig. 3.10. For this model R; and Ro are as expressed
by Eqs. (3-26) and (3-27), and the circuit capacitances are

ZL) Ro||R12
Ci=(1+3)e, Zu= . .
! ( + R. 7 1 + jwRo|R2(Ce + C))

_ R9+RG
" Re + Re/B

Although the model can be used to analyze the complete circuit response,
only the dominant pole is considered here. An approximate method of
simply resolving the complete response of such circuits will be developed
in Chapter 4. In general, the high resistance of the dynamic load makes
the output circuit pole dominant, and it occurs at

. ro(R. + Ra/B) + 2R1:Rq

= f
fP 27rrcRI2(2Re + RG)Cc or 6 >> 1

Cs Ce

3.3 Output Stages

Following the input and intermediate voltage gain stages of an operational
amplifier, it is desirable to provide impedance isolation from loads.
In this way the characteristics of the gain stages are preserved under
load, and adequate signal current is made available to the load. As with
any amplifier, the output stage provides isolation by presenting a high
input impedance to the preceding stage and a low output impedance to
the load. Accompanying this low output impedance must be the
ability to supply the desired load current, and this capability is provided
by the current gain of the stage. To provide isolation without degrading
high-frequency performance the output stage is generally chosen with
low input capacitance and wide bandwidth. The most common output
stages are some form of emitter-follower stage which is adapted to the
output-stage requirements. Basic characteristics of the emitter fol-
lower which also apply to output stages were developed in the preceding

"
/
Ei
/ - >— —4 ’ E
Ei %Rl T\Cl d Re ZCCo SRy ° %RIZ

) |

Fig. 3.10 Analysis model of the circuit of Fig. 3.9.
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)
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section. As described in that analysis, this type of stage provides the
high input impedance, low output impedance, high current gain, and
wide bandwidth needed for output stages. Improved capabilities for
low quiescent current, high output voltage, and high output cur-
rent requirements are achieved with modified emitter-follower stages.
Another common output stage which will be discussed is the totem pole
stage which provides both voltage gain and impedance isolation.

Although the basic emitter-follower stage provides many of the desired
output-stage characteristics, it requires a relatively large quiescent
biasing current when the stage must be capable of supplying output
currents of either polarity. Considering the class A emitter-follower
stage of Fig. 3.11, it can be seen that negative output current cannot
be supplied by the transistor and that the current is limited to that which
can be drawn through the emitter resistor by the supply voltage. To
supply a given output current at a negative output voltage the no load
bias current level in R must then be at least as great as the desired
current. Then, output current is limited to

V_—-E,
Re
The quiescent bias current level which must be established to ensure the
availability of this current with negative output voltages is even larger

than I,. Tor output signals reaching I,m.x and E,ma.x the required
quiescent bias current Ipq is

I, < for negative swing

V_
I > Io max
pe = V_ + |Eo maxl I l

In the event that only one polarity of output current is needed, high
quiescent current is not required since output current above the quiescent
level can be drawn through the transistor. However, for most opera-
tional amplifiers bidirectional output swing is desired, and quiescent
current levels lower than the output current are achieved with class B

(3-28)

output stages.

Fig. 3.11 Class A emitter-fol-
lower output stage.
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Fig. 3.12 Emitter-follower output stages biased as (a) a class B stage
and as (b) a class A-B stage.

Class B biasing of an emitter-follower output stage provides separate
transistors to supply the two polarities of output current. As repre-
sented in Fig. 3.12a, the class B stage can supply output currents of
either polarity without being limited by the quiescent current level.
In fact, class B biasing with bipolar transistors develops essentially no
quiescent current since neither emitter-base junection is forward-biased
with the input and output voltages at zero. Signal swing forward-
biases the appropriate transistor to develop output current. However,
at the crossover from one transistor to the other there is a range of
input signals, approximately +0.5to —0.5 V, for which neither transistor
is turned on. In this range no output current can be supplied, and the
output voltage remains at zero, resulting in crossover distortion as
depicted in Fig. 3.13 for a sine-wave signal. Decreased distortion results
when feedback is applied from the output to preceding gain stages, as
the feedback reduces the time taken by the input signal to traverse the
voltage range for which the output stage is turned off. However, to

| Eo
t . .
Fig. 3.13 Crossover distortion
of a sine-wave signal character-

istic of class B bipolar transistor
output stages. )
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eliminate the distortion it is most common to modify the stage bias and
avoid the turned-off state. This is achieved with the class A-B biasing
of Fig. 3.12b for which the added diodes provide a forward bias to the
output transistors when the input signal is zero. With this bias one
transistor begins turning on as signal swing brings the other transistor
close to its turnoff point. Quiescent current in the class A-B case is
controlled by the current biasing the diodes, by the relative voltage
drops of the diodes and the output transistor emitter-base junctions, and
by the emitter resistors. Generally the biasing diode junctions are
smaller than the transistor emitter-base junctions and the diode voltages
are greater at the quiescent current levels employed.

Except for quiescent current levels, the class B or class A-B emitter-
follower-stage characteristics are similar to those of the basic emitter-
follower stage analyzed in the previous section. At any nonzero signal
level only one of the two transistors of the class B circuit is supplying
current, and this transistor is essentially the previously mentioned
emitter follower loaded by a transistor which is turned off. For most
of the typical output voltage range, one transistor of the class A-B stage
is also turned off, and the circuit characteristics can be closely approx-
imated, considering this condition. If the n-p-n transistor is considered
to be conducting in the class B or class A-B stages of Fig. 3.12, the ac
equivalent circuit of Fig. 3.14 results. In this equivalent circuit the
reverse impedance of the p-n-p emitter-base junction is neglected since
it is large compared with the output resistance of the conducting transis-
tor. Also, the impedance of the biasing diode is small in comparison with
the input resistance of Q; and is omitted. As a result, the only significant
effect of the off transistor is that of its collector-base capacitance Cos.
The de characteristics of the class B or class A-B stage, such as gain, input
resistance, and output resistance, are then the same as those developed
for the simple emitter follower in See. 3.2. Input capacitances of the
class B and class A-B stage are greater than-that of the single emitter
follower expressed by Eq. (3-5). Adding C. to the emitter-follower
input capacitance,

CI = 200 for Cc1 = Ccz (3-29)

The response pole frequency of Eq. (3-6) is also modified by the increased

input capacitance and becomes
. Ra + B8Ry
28R1RcC,

A second basic type of output stage, the totem pole stage, is common in

vacuum tube circuits and can be adapted to solid state circuits with a
junction FET as shown in Fig. 3.15. As an output stage this circuit

f, for Co; = Cez Ri. > Rg (3-30)
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Fig. 3.14 Ac equivalent circuit
of the class B or class A-B
emitter-follower output stages
when only Q, is conducting.

provides voltage gain along with impedance isolation. In the form con-
sidered the totem pole stage is basically a common-emitter amplifier with
a dependent current source load. Input resistance is that of the common-
emitter bipolar transistor as approximated earlier by SRe.. Both voltage
gain and output impedance are improved by the dependence of the FET
current source on the collector current of the common-emitter transistor.
A signal increase in I, results in an increase in the magnitude of the gate-
source voltage Vg and a decrease in the source current I, The two
current changes add to produce a greater change in output current. In
this way the FET boosts the output current resulting from a given input
signal.

To develop expressions for the improved gain and output resistance
the pi models of the two transistors, as presented in Figs. 3.7 and 3.8, are
combined to result in the equivalent circuit of the totem pole stage in
Fig. 3.16. For the common levels of Rs and Ry, a low-frequency analysis
can be made, neglecting R and rqs. Using this approximation, the low-

—_—

Fig. 3.15 Totem pole output
stage.
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G

Re gs lo

+ ’ —_——

. A Ei /T~ Cc+Cqd (1)

E.q5 %R, T, q) Re %Ro 94 (Mo Ve S < R £,
> , >

Ry = BRe.R6=rc (w)
Re.+Rg

Fig. 3.16 Ac model of the totem pole stage of Fig. 3.15.

frequency voltage gain of the totem pole state is found to be

_ (1 + gwRs)Re
Re + RG/B

Comparing this result with the gain of a common-emitter transistor, as
given by Eq. (3-12), it is seen that the addition of the FET to form the
totem pole stage increases gain by a factor of 1 4 giRs. The output
resistance of the circuit is found from the open-circuit voltage and short-
circuit current of the model. In this case Ry, is not included, and Rg and
rgs cannot be neglected. From this analysis

’
Rords

® 7 res + RH(L + gRe)

- Once again, the improvement provided by the dependence of I, on I is
represented by the 1 + giRs term in Eq. (3-32). This dependence is
removed by setting Rg to zero, leaving a fixed current source load on the
common-emitter transistor. The output resistance of the totem pole
stage is quite high compared with that provided by the emitter-follower.
Both r4, and Rg of the previous expression are of the order of 200 k,
resulting in an output resistance of about 25 k2. Lower output resistance
is provided by negative feedback to preceding gain stages, which is com-
mon to most operational amplifier applications.

The frequency response of the totem pole stage is fairly complex,
because of the several capacitances of the circuit. However, the dom-
inant response pole frequency can be readily found by neglecting the
influences of other poles on this frequency. For the resistance levels
normally encountered, the dominant pole results from the high Miller-

Ao = forRs + Ry <r.(1 —a) Rpi<rs (3-31)

(3-32)
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effect input capacitance of the common-emitter transistor. Neglecting
the other circuit capacitances, and neglecting R¢ and r4s in comparison
with Ry, the input capacitance can be found, by using the procedure of
Sec. 1.2, to be

Rs + R
o ()

Then the response pole frequency is

f = ____1—
P 2r(Ri||Ra)Cr

fo= BRe + RG
i ZTBRG(Re + RS + RL)Cc

(3-33)

For the typical case this pole frequency will be several megahertz whereas
other response poles will result at least a decade higher in frequency.
Other common output stages are generally specialized forms of the class
A-B emitter-follower stage. High-voltage output stages, for instance, are
frequently more economically realized by using several low-voltage tran-
sistors in place of a high-voltage transistor. By connecting low-voltage
transistors in series as in Fig. 3.17, the high voltage is divided between
the transistors. As indicated on the diagram, the signal and supply

+

Fig.3.17 Series-connected emit-
ter followers forming a high-

(E,-V_)/2
voltage output stage.

{-
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voltage on each emitter-follower output transistor is reduced by a factor
of 2 when the second set of emitter followers is added in series. The
added transistors serve simply as voltage biases to the collectors of the
output transistors. As the signal changes, these voltage biases are also
varied by the input signal to ensure that the bias levels will not limit the
output voltage range. The highest voltage developed on any one tran-
sistor of this circuit will be one-half the total supply voltage when the
output is at a voltage equal to one of the supply voltages. By adding
even more emitter followers in series with the output transistors, the
maximum voltage applied to any one transistor can be further reduced.

Added output transistors can also be used to increase the output current
capability of an operational amplifier. Although higher-current transis-
tors could also be used, it may again be more economical to use several
low-current transistors. In this case transistors can be connected in
parallel to divide the output current between two or more transistors, as
in Fig. 3.18. Care must be taken with this technique to ensure that the
output current divides equally between the paralleled transistors. The
current division is largely controlled by the separate emitter resistors used
with each transistor. If one emitter resistor were shared by two parallel-
connected transistors, the current division would be determined only by
the temperature-sensitive emitter-base voltages. In the latter case the
transistor conducting the higher current would reach the higher tempera-~
ture, resulting in an even further increase in its current. To avoid this
condition when high output currents are being supplied, the emitter
resistors are chosen to develop voltage drops under load which equal a
large portion of the emitter-base voltage.

As higher voltages and currents are supplied by output transistors their
power dissipations reach levels for which silicon p-n-p transistors are com-

Fig. 3.18 Parallel-connected
emitter followers forming a
high-current output stage.
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Fig. 3.19 Output stage using a
: —_ p-n-p-n-p-n feedback pair for a
I high power p-n-p.
O :
Vo

monly more expensive than the n-p-n counterpart or more difficult to
achieve in monolithic form. In this case it may be desirable to replace
the p-n-p transistor with the p-n-p—n-p-n feedback pair combination of
Fig. 3.19. The p-n-p of the combination controls the output voltage at
its emitter much as a single p-n-p power transistor would. However, the
output current is conducted primarily by the n-p-n of the combination
which is driven by the p-n-p collector. Only the n-p-n base current is
supplied by the p-n-p and so it can be a low-power transistor, and the
n-p-n will be the high-power transistor.

In many operational amplifier applications the load does not have to be
grounded, as is the case for speakers and relays. For these applications
it is possible to use a differential output which doubles the output voltage
swing available to the load and isolates the load from ground. A differ-
ential output stage can be made by using two output stages which are
driven from opposite sides of a differential stage, as represented in Fig.
3.20. Any of the output-stage forms discussed can be used. Since the
two outputs have opposite phases, the differential output voltage is twice
that developed from either output to common. The peak-to-peak output
swing can then be greater than the total supply voltage and approaches
twice the total supply voltage as a limit. When an operational amplifier
with a differential output is used, an additional offset voltage may result.
If feedback is applied to only one of the outputs, a differential output off-
set voltage results from the difference in offsets of the two signal paths
through the amplifier. Unless additional circuit balancing is performed,
this offset can reach hundreds of millivolts. When differential feedback
is applied from both outputs, this offset term is avoided although the
quiescent output levels will have a common-mode offset voltage from
common. An additional common-mode feedback loop can be employed
to reduce significantly the output common-mode offset voltage.
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O

7

Fig. 3.20 Differential class A-B output stage.

3.4 Output Current Limiting

For operational amplifier output stages, such as those described in the
preceding section, the ability to supply current to a load is limited by the
safe operating temperature of the output transistors. In operation the
actual temperature of the transistors is determined by the ambient tem-
perature, the power dissipation within the transistors, and the ease with
which heat is conducted away from the transistors as expressed by thermal
resistance. For a given package configuration the thermal resistance is
fixed and the permissible transistor power dissipation is then set by the
maximum ambient temperature to be encountered. In general, the power
dissipation in operational amplifier output stages is controlled by current
limiting. The necessary current-limit level depends upon the operating
load conditions for which protection is needed. For a given transistor
power dissipation limit the maximum allowable output current is deter-
mined by the voltage across the transistor in its current-limited state.
This voltage is determined by the load condition, as will be seen.

In addition to normal operating load conditions, fault conditions such
as an output short circuit to common or to a power supply are commonly
considered in selecting a current-limit level. For a positive signal and
normal load conditions, the power dissipation in transistor Q; of the class
A-B output stage of Fig. 3.21 will be

P, = L(Vy — E,) = I,(Vy — L.Ry) for R1. >> Re

Differentiating this expression with respect to I,, the output current
resulting in maximum power dissipation is found. This current repre-
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Fig. 3.21 Class A-B emitter-
follower output stage under
positive signal swing.

sents the output current limit I,r, needed for normal operating load con-
ditions and is expressed by
V+ 2P1 max
= — = —— 3-34
2Ry, V. (3-34)
Using this result, the minimum load resistance which may be connected
without exceeding this current in the unlimited stage is

V2
4P} e

Then, as long as the load meets this condition, no added protection is
needed for the output stage. However, if capacitive loads are encoun-
tered, the high-frequency load impedance must be observed to avoid
excessive -output current drain. Similarly, accidental output short cir-
cuits can cause output current to exceed the above limit. To protect the
output stage under such conditions the output current must be limited by
additional circuitry. In general, the output current limit is set to provide
protection under short circuit or capacitive loads to common. For this
case, the voltage across Q; in Fig. 3.21 can reach essentially V,, assuming
Ry is small. Then the output current must be limited to
Pl max

IoL = V. for short cireuit to ground (3-35)
+

IoL

Rimin =

In some cases it may be desirable to provide output protection permitting
capacitive loads returned to a power supply voltage or merely permitting
short circuit to this voltage. In that event the voltage across the output
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transistor could reach V, — V_ and the output current limit would be
set at
I _ Pl max f h l
oL = Voo v, or shorts to supply (3-36)

Several types of current-limit circuits are in common use for operational
amplifiers, with the choice between them being determined primarily by
the limiting precision needed and the limit-circuit complexity. Limiting
precision relates the final limited current level to that current at which the
limit circuit first begins to affect output current. As such, the abilit